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ABSTRACT Extremely large-scale antenna arrays, tremendously high frequencies, and new types of
antennas are three clear trends in multi-antenna technology for supporting the sixth-generation (6G)
networks. To properly account for the new characteristics introduced by these three trends in communi-
cation system design, the near-field spherical-wave propagation model needs to be used, which differs
from the classical far-field planar-wave one. As such, near-field communication (NFC) will become
essential in 6G networks. In this tutorial, we cover three key aspects of NFC. 1) Channel Modelling:
We commence by reviewing near-field spherical-wave-based channel models for spatially-discrete (SPD)
antennas. Then, uniform spherical wave (USW) and non-uniform spherical wave (NUSW) models are
discussed. Subsequently, we introduce a general near-field channel model for SPD antennas and a Green’s
function-based channel model for continuous-aperture (CAP) antennas. 2) Beamfocusing and Antenna
Architectures: We highlight the properties of near-field beamfocusing and discuss NFC antenna architec-
tures for both SPD and CAP antennas. Moreover, the basic principles of near-field beam training are
introduced. 3) Performance Analysis: Finally, we provide a comprehensive performance analysis frame-
work for NFC. For near-field line-of-sight channels, the received signal-to-noise ratio and power-scaling
law are derived. For statistical near-field multipath channels, a general analytical framework is proposed,
based on which analytical expressions for the outage probability, ergodic channel capacity, and ergodic
mutual information are obtained. Finally, for each aspect, topics for future research are discussed.

INDEX TERMS Antenna architecture, beamforcusing, channel modelling, near-field communications,
performance analysis.

I. INTRODUCTION

AS THE fifth-generation (5G) wireless network contin-
ues to be commercialized, research and development

efforts are already underway on a global scale to investi-
gate the possibilities for the sixth-generation (6G) wireless
network. Compared to the previous generations of wireless
networks, 6G is expected to be data-driven, instantaneous,
ubiquitous, and intelligent, thereby facilitating new appli-
cations and services, such as extended reality (XR), holo-
graphic communication, pervasive intelligence, digital twin,
and Metaverse [1], [2], [3]. Therefore, 6G has significantly

higher performance targets compared to the past generations,
such as a 100 times higher peak data rate of at least 1 terabit
per second (Tb/s), an air interface latency of 0.01 ∼ 0.1 mil-
liseconds, and a 10 times larger connectivity density of up to
107 devices per square kilometer [4], [5], [6]. To reach these
stringent targets, 6G is expected to integrate the following
technical trends:

• Extremely large-scale antenna arrays: Extremely large-
scale antenna arrays (ELAAs) are essential for many
candidate techniques for 6G. On the one hand,
by exploiting ELAAs, supermassive multiple-input

This work is licensed under a Creative Commons Attribution 4.0 License. For more information, see https://creativecommons.org/licenses/by/4.0/

VOLUME 4, 2023 1999

HTTPS://ORCID.ORG/0000-0002-6389-8941
HTTPS://ORCID.ORG/0000-0003-4614-0175
HTTPS://ORCID.ORG/0000-0002-3539-181X
HTTPS://ORCID.ORG/0000-0003-1293-1104
HTTPS://ORCID.ORG/0000-0001-8351-360X
HTTPS://ORCID.ORG/0000-0002-6420-4884


LIU et al.: NEAR-FIELD COMMUNICATIONS: A TUTORIAL REVIEW

multiple-output (MIMO) [5] and cell-free massive
MIMO [7] are capable of providing exceptionally high
system capacity through their vast array gain and spatial
resolution. On the other hand, reconfigurable intelligent
surfaces (RISs) another revolutionary 6G technique,
embody an ELAA with passive elements [8]. By manip-
ulating the wireless propagation environment, RISs offer
new opportunities for augmenting the coverage and
capacity of the 6G network.

• Tremendously high frequencies: The terahertz (THz)
band, spanning from 0.1 THz to 10 THz, holds great
potential as a promising frequency band for 6G [6].
Compared to the millimeter-wave (mmWave) band uti-
lized in 5G, the THz band provides significantly more
bandwidth resources on the order of tens of giga-
hertz (GHz) [9]. Furthermore, due to the very small
wavelengths in the THz band, an enormous number
of antenna elements can be integrated into THz base
stations (BSs), thus facilitating the implementation of
ELAA. Due to these benefits, THz communication is
expected to support very high data rates on the order
of Tb/s [5].

• New types of antennas: Metamaterials are powerful
artificial materials that exhibit various desired electro-
magnetic (EM) characteristics for wireless communi-
cations [10]. In recent years, metamaterials have also
been exploited in realizing (approximately) continuous
transmitting and receiving apertures, and thus, facili-
tating holographic beamforming [11], [12]. Compared
with conventional beamforming techniques, holographic
beamforming realized by continuous-aperture (CAP)
antennas has a super high spatial resolution while
avoiding undesirable side lobes [7].

The significant increase in the size of antenna arrays,
extremely high frequencies, and the emerging new
metamaterial-based antennas cause a paradigm shift for
the EM characteristics in 6G. Generally, the EM field
radiated from antennas can be divided into two regions:
near-field region and far-field region [13], [14]. The EM
waves in these regions exhibit different propagation prop-
erties. Specifically, the wavefront of EM waves in the
far-field region can be reasonably well approximated as being
planar, as shown in Fig. 1(a). Conversely, more complex
wave models, such as spherical waves, see Fig. 1(b), are
required to accurately depict propagation in the near-field
region. The Rayleigh distance is one of the most com-
mon figures of merit to distinguish between the near-field
and far-field regions and is given by 2D2/λ [13]. Here,
D and λ denote the antenna aperture and the wavelength,
respectively. From the first-generation (1G) to 5G wire-
less networks, the near-field was generally limited to a few
meters or even centimeters because of the low-dimensional
antenna arrays and low frequencies. Therefore, communica-
tion systems could be efficiently designed based on far-field
approximation. However, given the large aperture of ELAAs
and tremendously high frequencies, 6G networks exhibit a

FIGURE 1. Near-field communications versus far-field communications.

large near-field region on the order of hundreds of meters.
For instance, a transmitter of size D = 0.5 meters oper-
ating at frequency 60 GHz has a near-field region of 100
meters. Furthermore, for the investigation of metamaterial-
based CAP antennas, the conventional far-field plane wave
assumption is also not suitable [15], [16]. Therefore, in 6G
networks, the near-field region is not negligible, which moti-
vates the investigation of the new near-field communication
(NFC)1 paradigm. To shed light on the benefits of NFC, we
first distinguish between near-field and far-field in terms of
their EM-radiation properties.

A. DISTINCTION BETWEEN NEAR-FIELD AND FAR-
FIELD REGIONS
1) GENERAL FIELD REGIONS

According to EM and antenna theory, the field surround-
ing a transmitter can be divided into near-field and far-field
regions. The near-field region can be further divided into the
reactive and radiating near-field regions. The three regions
are explained below [18]:

• The reactive near-field region is limited to the space
close to the antenna, where the EM fields are predom-
inantly reactive, meaning that they store and release
energy rather than propagating away from the antenna
as radiating waves. Within the reactive near-field region,
evanescent waves are dominant.

• The radiating near-field region is located at a distance
from the antenna that is greater than a few wavelengths.
In this region, the fields have not fully developed into
the planar waves that are characteristic of the far-field
region. Within the radiating near-field region, the prop-
agating waves have spherical wavefront, i.e., spherical
waves are dominant.

• The far-field region surrounds the radiating near-field
region. In the far-field, the angular field distribution

1. We note that the term “NFC” is also used to describe a technique
rooted in radio-frequency identification (RFID), which enables communi-
cation between two electronic devices over a short distance [17], e.g., on
the order of several centimetres. However, in this paper, the term “NFC”
refers to wireless communications under the near-field electromagnetic
effect caused by the usage of large antenna arrays and high-frequency
bands.
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is essentially independent of the distance between the
receiver and the transmitter, i.e., planar waves are
dominant.

Since the reactive near-field region is typically small and the
evanescent waves fall off exponentially fast with distance,
in the remainder of this paper, we mainly focus on wireless
communications within the radiating near-field region. For
simplicity, we use the term near-field to refer to the radiating
near-field region.

2) BOUNDARY BETWEEN NEAR-FIELD AND FAR-FIELD
REGIONS

The transition between the near-field and far-field regions
happens gradually and there is no strict boundary between
the two regions. As a result, different works have proposed
different metrics for characterising the field boundary. For
defining these metrics, two different perspectives are used,
namely, the phase error perspective and the channel gain
error perspective.

• From the phase error perspective, several commonly
used rules of thumb, including the Rayleigh dis-
tance [13], the Fraunhofer condition [14], and the
extended Rayleigh distance for MIMO transceivers and
RISs [19], have emerged. These distances mainly apply
to the field boundary close to the main axis of the
antenna aperture.

• From the channel gain error perspective, a more accu-
rate description of the field boundary can be given for
off-axis regions. Specifically, according to the Friis for-
mula [20], the channel gain falls off with the inverse
of the distance squared. However, this does not hold in
the near-field region. Therefore, we can define the far-
field region as the region where the actual channel gain
can be approximated by the Friis formula subject to
a tolerable error. Exploiting this perspective, the field
boundary depends not only on the aperture size and
wavelength, but also on the angle of departure, angle
of arrival, and shape of the transmit antenna aperture.

B. RELATED OVERVIEW ARTICLES
As discussed before, because of the quite small near-
field region due to the use of small-scale antenna arrays
and low operating frequencies, NFC has not been rele-
vant for 1G-5G wireless networks, and hence, the related
literature is very sparse. So far, only a few magazine
papers [21], [22], [23], [24] that provide an introduc-
tion to NFC have been published. The authors of [21]
presented the basic working principle and applications of
near-field-focused (NFF) microwave antennas for short-
range wireless systems. They introduced various metrics for
NFF performance evaluation, including the 3 dB focal spot,
focal shift, focusing gain, and side lobe level. The authors
of [22] provided an overview of NFC, covering aspects such
as field boundaries, challenges, potential applications, and
future research directions. They offered a high-level intro-
duction to NFC. Furthermore, the authors of [23] studied

the difference between far-field beamsteering and near-field
beamfocusing. They emphasized the significant power gain
and novel application opportunities that arise from near-
field beamfocusing. Finally, the authors of [24] addressed
the cross-far-field and near-field issues in THz communica-
tions. They discussed the relevant channel model, channel
estimation techniques, and hybrid beamforming approaches
for cross-field communications. While [21], [22], [23], [24]
review the general concepts of NFC, fundamental aspects
of NFC, including basic channel models, antenna structures,
and analytical foundations are not covered. Moreover, a com-
prehensive tutorial on NFC that specifically caters to the
needs of graduate students and researchers seeking to gain
a fundamental understanding of NFC is not available in the
literature.

C. MOTIVATION AND CONTRIBUTIONS
NFC will play a significant role in 6G and fundamental
knowledge gaps have to be closed to fully exploit the new
opportunities and to address the new challenges arising for
NFC. However, a comprehensive tutorial review on NFC is
missing in the literature. This is the motivation for this paper
and its main contributions can be summarized as follows:

• We start by reviewing the basic near-field channel mod-
els for both SPD and CAP antennas. For SPD antennas,
near-field spherical-wave-based channel models are
introduced for both multiple-input single-output (MISO)
and MIMO systems, where the specific characteristics
of near-field channels compared with far-field chan-
nels are highlighted. Furthermore, we discuss uniform
spherical wave (USW) and non-uniform spherical wave
(NUSW) near-field channel models. For CAP anten-
nas, we introduce a Green’s function-based near-field
channel model.

• We study the properties of near-field beamfocusing and
antenna architectures for NFC. We commence with
the MISO case, for which we discuss hybrid beam-
forming architectures based on phase shifts and true
time delayers for narrowband and wideband systems,
respectively. Then, we propose to exploit practical
metasurface-based antennas to approximate CAP anten-
nas. As a further advance, we consider the MIMO
case, where the dynamic degrees of freedom (DoFs)
of near-field channels are addressed. Finally, near-field
beam training is discussed, which can help to signif-
icantly decrease the complexity of channel estimation
and analog beamforming design.

• We provide a comprehensive performance analysis
framework for NFC for both deterministic line-of-sight
(LoS) and statistical multipath channels. For near-
field LoS channels, we derive new expressions for
the received signal-to-noise ratio (SNR) and power
scaling laws for both SPD and CAP antennas. For
near-field statistical channels, we propose a general
theoretical framework for analyzing the outage probabil-
ity (OP), ergodic channel capacity (ECC), and ergodic
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TABLE 1. List of acronyms.

mutual information (EMI). Important insights for NFC
are unveiled, including the diversity order, array gain,
high-SNR slope, and high-SNR power offset.

D. ORGANIZATION
The remainder of this paper is structured as follows.
Section II presents the fundamental near-field channel mod-
els for both SPD and CAP antennas. In Section III, the basic
principles of near-field beamfocusing and beam training are
introduced and the related antenna architectures for MISO
and MIMO systems are provided. The performance of NFC
in respectively LoS channels and statistical channels is anal-
ysed in Section IV. Finally, Section V concludes this paper.
Lists with the most important abbreviations and variables are

TABLE 2. List of variables.

provided in Tables 1 and 2, respectively. Fig. 2 illustrates the
organization of this tutorial.

E. NOTATIONS
Throughout this paper, for any matrix A, [A]m,n, AT, A∗,
AH, and ‖A‖F denote the (m, n)-th entry, transpose, con-
jugate, conjugate transpose, and Frobenius norm of A,
respectively. The matrix inequality A � 0 indicates posi-
tive semi-definiteness of A. [a]i denotes the i-th entry of
vector a, and diag{a} returns a diagonal matrix whose main
diagonal elements are the entries of a. Also, blkdiag{·} rep-
resents a block diagonal matrix, I is the identity matrix, 0 is
the zero matrix, ‖·‖ denotes the Euclidean norm of a vector,
|·| denotes the norm of a scalar, C stands for the complex
plane, R stands for the real plane, and E{·} represents math-
ematical expectation. The big-O notation, f (x) = O(g(x)),
means that lim supx→∞

|f (x)|
g(x) < ∞. CN (μ,�) is used to

denote the complex Gaussian distribution with mean μ and
covariance matrix �. Finally, ⊗ and 	 denote the Kronecker
product and Hadamard product, respectively.

II. NEAR-FIELD CHANNEL MODELLING
In this section, we introduce the fundamental models for
near-field channels. As illustrated in Fig. 3, the space sur-
rounding an antenna array can be divided into three regions,
with two distances, namely Rayleigh distance [13], [25] and
uniform power distance [25], [26]. As previously discussed,
the Rayleigh distance can be used to separate the near-
field and far-field regions, and it is mostly relevant for
characterizing the behaviour of the phase of an emitted
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FIGURE 2. Condensed overview of this tutorial and outlook on NFC.

signal. Generally speaking, if the propagation distance of
the signal is larger than the Rayleigh distance, the far-
field planar-wave-based channel model can be employed,
leading to a linear phase of the signals. Conversely, if the
signal’s propagation distance is less than the Rayleigh dis-
tance, the near-field spherical-wave-based channel model
has to be utilized, resulting in a non-linear phase of the
signal. Moreover, within the near-field region, the uni-
form power distance can be used to differentiate between
regions where the signal amplitude is uniform and non-
uniform, respectively. Based on the Rayleigh and uniform
power distances, the channel models suitable for charac-
terizing signal propagation can be classified loosely into
three categories: 1) uniform planar wave (UPW) model,
2) uniform spherical wave (USW) model, and 3) non-
uniform spherical wave (NUSW) model, as shown in Fig. 3.
As we will explain in the following sections, due to the
different assumptions made, these near-field channel mod-
els have different levels of accuracy. Regarding scatterers
and small-scale fading, near-field channel models can be
categorized into deterministic and statistical models, with
deterministic models utilizing ray tracing, geometric optics,
or electromagnetic wave propagation theories for precise

channel gain determination, primarily for line-of-sight (LoS)
or near-field channels with a limited number of paths.
Statistical models, on the other hand, capture the aver-
age behavior, fading effects, and time-varying characteristics
of the channel, making them suitable for characterizing
rich-scattering environments. Concerning transceiver types,
near-field channel models can be classified into models for
spatially-discrete (SPD) antennas and CAP antennas. Given
the intricate taxonomy of channel models, a comprehensive
and systematic overview of the various models is needed.
In the following, we introduce the USW and NUSW chan-
nel models for NFC systems equipped with SPD antennas.
Furthermore, we introduce a general model to accurately cap-
ture the impact of the free-space path loss, effective aperture,
and polarization mismatch. Moreover, we present a near-field
channel model for CAP antennas. Finally, important open
research problems in near-field modelling are discussed.

A. SPHERICAL WAVE BASED CHANNEL MODEL FOR
SPD ANTENNAS
Fig. 1 highlights the primary distinction between near-field
and far-field channels for SPD antennas. Specifically, far-
field channels are characterized by planar waves, whereas
near-field channels are characterized by spherical waves.
Consequently, for far-field channels, the angles of the links
between each antenna element and the receiver are approxi-
mated to be identical. In this case, the propagation distance of
each link linearly increases with the antenna index, resulting
in a linear phase for far-field channels. However, for near-
field channels, each link has a different angle, leading to a
non-linear phase. In the following, we review the near-field
spherical-wave-based channel models for MISO and MIMO
systems, and highlight the primary differences compared to
the far-field planar-wave-based channel model.

1) MISO CHANNEL MODEL

Let us consider a MISO system that comprises an N-antenna
transmitter, where N = 2Ñ+1, and a single-antenna receiver.
The antenna index of the transmit antenna array is given by
n ∈ {−Ñ, . . . , Ñ}. Let r = [rx, ry, rz]T and sn = [snx, s

n
y, s

n
z ]T

denote Cartesian coordinates of the receive antenna and the
n-th element of the transmit antenna array, respectively. Here,
we set s0 = [0, 0, 0]T as the origin of the coordinate system.
Accordingly, r = ‖r− s0‖ denotes the distance between the
receiver and the central element of the transmit antenna array.
As shown in Fig. 4, for the planar-wave-based far-field

channel, the links between sn and r are assumed to have
identical angles. Let θ and φ denote the azimuth and ele-
vation angles of the receiver with respect to the x–z plane,
respectively. Then, the propagation direction vector of the
signals from the transmitter to the receiver is given by [27]

k(θ, φ) = [cos θ sinφ, sin θ sinφ, cosφ]T. (1)

Then, according to the planar-wave assumption of far-field
channels, the propagation distance for the link between the
n-th transmit antenna and the receiver can be calculated
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FIGURE 3. Field regions with respect to an antenna array.

FIGURE 4. Far-field channel model.

as rn = r − kT(θ, φ)sn, resulting in the following channel
coefficient [28]:

hnfar(θ, φ, r) = βne
−j 2π

λ
rn = βne

−j 2π
λ
rej

2π
λ
kT(θ,φ)sn , (2)

where βn denotes the channel gain (amplitude) for the n-th
link and λ denotes the wavelength of the carrier signal. In
the far-field region, the propagation distance r is typically
beyond the uniform-power distance,2 where the channel gain
disparity of each link is negligible [25], [26]. In this case,
we have β−Ñ ≈ β−Ñ+1 ≈ · · · ≈ βÑ = β. Therefore, the far-
field LoS MISO channel can be modelled in the following
simplified form:

hLoSfar = βe−j
2π
λ
r[ej

2π
λ
kT(θ,φ)s−Ñ , . . . , ej

2π
λ
kT(θ,φ)sÑ

]T
. (3)

The above far-field channel model is referred to as the UPW
model [27], [29]. According to (3), the array response vector
for far-field channels is given by

2. The formal definition of the uniform-power distance is given in
Section IV.

Far-Field Array Response Vector

afar(θ, φ) = [ej 2π
λ
kT(θ,φ)s−Ñ , . . . , ej

2π
λ
kT(θ,φ)sÑ

]T
. (4)

It can be observed that for the elements of the far-field
array response vector, the phases are linear functions of the
positions, sn.
On the other hand, for the near-field spherical-wave-based

channel, the propagation distances of the links between the
transmit and receive antennas cannot be calculated assuming
identical azimuth and elevation angles, since different links
have different angles. Therefore, the propagation distance of
the link between the n-th transmit antenna element and the
receiver needs to be calculated as rn = ‖r − sn‖, resulting
in the following channel coefficient [28]:

hnnear(sn, r) = βne
−j 2π

λ
‖r−sn‖, (5)

Then, by assuming that propagation distance r is larger than
the uniform-power distance, we have β−Ñ ≈ β−Ñ+1 ≈ · · · ≈
βÑ = β. In this case, the near-field LoS MISO channel can
be modelled as follows:

hLoSnear = βe−j
2π
λ
r[e

−j 2π
λ

(
‖r−s−Ñ‖−r

)

, . . . , e−j
2π
λ (‖r−sÑ‖−r)]T.

(6)

The above near-field channel model is referred to as the
USW model [30], [31]. The corresponding array response
vector is given by

Near-Field Array Response Vector

a(r) = [e−j 2π
λ

(
‖r−s−Ñ‖−r

)

, . . . , e−j
2π
λ (‖r−sÑ‖−r)]T. (7)

In contrast to the far-field array response vector, the phase
of the n-th entry of the above near-field array response vector
is a non-linear function of sn.
Remark 1 (Rayleigh Distance and Fresnel Distance): It

is worth noting that the far-field UPW channel model is
an approximation of the near-field USW channel model.
More specifically, the coordinate of the receiver is given
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FIGURE 5. Near-field multipath MISO channel model.

by r = [r cos θ sinφ, r sin θ sinφ, r cosφ]T = rk(θ, φ).
Therefore, the near-field propagation distance for the n-th
antenna array can be calculated as

rn = ‖r − sn‖ = ‖rk(θ, φ)− sn‖
=
√
r2 − 2rkT(θ, φ)sn + ‖sn‖2

= r − kT(θ, φ)sn + ‖sn‖2 − (kT(θ, φ)sn
)2

2r

+ kT(θ, φ)sn‖sn‖2

2r2
− ‖sn‖4

8r3
+ · · · , (8)

where the last step is obtained by the Taylor expansion√
1 + x = 1 + 1

2x − 1
8x

2 + · · · for x = (−2rkT(θ, φ)sn +
‖sn‖2)/r2. For the far-field approximation, only the first two
terms in (8) are considered, which leads to

rn ≈ r − kT(θ, φ)sn. (9)

The Rayleigh distance is defined as the distance required
such that the phase error of the channel caused by the
far-field approximation does not exceed π/8 [13]. When
θ = φ = π

2 , it is given by rR = 2D2

λ
. Moreover, if the

first three terms in (8) are considered, the following Fresnel
approximation can be obtained [14]

rn ≈ r − kT(θ, φ)sn + ‖sn‖2 − (kT(θ, φ)sn
)2

2r
. (10)

The Fresnel distance is defined as the distance required such
that the phase error of the channel caused by the Fresnel
approximation does not exceed π/8 [14]. When θ = φ = π

2 ,

it is given by rF = 0.5
√

D3

λ
.

As shown in Fig. 5, scatterers in the environment can
cause multipath propagation in near-field channels, where
the receiver also receives signals reflected by scatterers
via non-line-of-sight (NLoS) paths. The randomness of
these multipath NLoS components results in the stochastic
behaviour of channels and consequently requires a statistical
channel model. Specifically, the channel between the trans-
mitter and the scatterers can be regarded as a MISO channel.
Let L denote the total number of scatterers, r̃� denote the

FIGURE 6. System layout of near-field MISO system with ULA.

coordinate of the �-th scatterer, and β̃� denote the channel
gain, which also includes the impact of the random reflec-
tion coefficient of the �-th scatterer. Then, the near-field
multipath channel can be modelled as follows:

Near-Field Multipath MISO Channel (LoS + NLoS)

hnear = βa(r)︸ ︷︷ ︸
LoS

+
L∑

�=1

β̃�a(r̃�)︸ ︷︷ ︸
NLoS

. (11)

In (11), the random phase of β̃� is assumed to be inde-
pendent and identically distributed (i.i.d.) and uniformly
distributed in (−π, π ]. The performance of NFC systems
in near-field multipath channels will be discussed in detail
in Section IV.
The above analysis reveals that near-field MISO chan-

nels are characterized by the array response vector in (7).
However, it is non-trivial to capture the characteristics of
near-field channels based on the general expression (7),
which entails mathematical difficulties for performance anal-
ysis and system design. To obtain more insights, we discuss
the near-field array response vectors of two popular antenna
array geometries, namely uniform linear array (ULA) and
uniform planar array (UPA).

• Uniform Linear Array: A ULA is a one-dimensional
antenna array arranged linearly with equal antenna spacing.
To derive the simplified array response vector, we consider
a MISO system with N antennas, where N = 2Ñ+ 1, at the
transmitter. The spacing between adjacent antenna elements
is denoted by d. For the ULA, we can always create a
coordinate system such that all transmit antenna elements
and the receiver are located in the x–y plane as shown in
Fig. 6. Therefore, we can ignore the z axis and set φ = 90◦.
Then, by putting the origin of the coordinate system into the
center of the ULA, the coordinates of the receiver and the
n-th element of the ULA are given by r = [r cos θ, r sin θ ]T

and sn = [nd, 0]T,∀n ∈ {−Ñ, . . . , Ñ}, respectively. In this
case, the propagation distance ‖r− sn‖ can be approximated
as follows:

‖r − sn‖ =
√
r2 + n2d2 − 2rnd cos θ

≈ r − nd cos θ + n2d2 sin2 θ

2r
. (12)
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FIGURE 7. System layout of near-field MISO system with UPA.

Here, we exploit the Fresnel approximation (10) in the last
step. Then, we obtain the following simplified near-field
array response vector for ULAs by substituting (12) into (7):

Near-Field Array Response Vector for ULAs

[aULA(θ, r)]n = e
−j 2π

λ

(
−nd cos θ+ n2d2 sin2 θ

2r

)

. (13)

• Uniform Planar Array: A UPA is a two-dimensional
array of antennas uniformly arranged in a rectangular grid.
We consider a MISO system with a UPA deployed in the xz-
plane as illustrated in Fig. 7. Assuming the UPA is located
in the x–z plane and is composed of N = Nx × Nz antenna
elements, where Nx = 2Ñx+1 and Nz = 2Ñz+1. The antenna
spacings along the two directions are denoted by dx and dz,
respectively. Then, the Cartesian coordinates of the receiver
and the (m, n)-th element of the transmit antenna array are
given by r = (r cos θ sinφ, r sin θ sinφ, r cosφ) and sm,n =
(ndx, 0,mdz),∀n ∈ {−Ñx, . . . , Ñx},m ∈ {−Ñz, . . . , Ñz},
respectively. Assuming dx/r � 1 and dz/r � 1, the distance
‖r − sm,n‖ can be approximated as follows:

‖r − sm,n‖
=
√
r2 + n2d2

x + m2d2
z − 2rndx cos θ sinφ − 2rmdz cosφ

≈ r − ndx cos θ sinφ + n2d2
x

(
1 − cos2 θ sin2 φ

)

2r

− mdz cosφ + m2d2
z sin2 φ

2r
, (14)

where the last step is obtained by exploiting Fresnel
approximation (10) and omitting the bilinear term. This
approximation is sufficiently accurate for the USW model.
After removing the constant phase e−j 2π

λ
r, the phase of

the array response vector can be divided into two com-

ponents, namely −ndx cos θ sinφ + n2d2
x (1−cos2 θ sin2 φ)

2r and

−mdz cosφ + m2d2
z sin2 φ

2r , which only depend on m and n,
respectively. Then, we obtain the following result:

Near-Field Array Response Vector for UPAs

aUPA(θ, φ, r) = ax(θ, φ, r)⊗ az(φ, r), (15a)

[ax(θ, φ, r)]n

= e
−j 2π

λ

(
−ndx cos θ sinφ+ n2d2

x(1−cos2 θ sin2 φ)
2r

)

, (15b)

[
az(φ, r)

]
m = e

−j 2π
λ

(
−mdz cosφ+m2d2

z sin2 φ
2r

)

. (15c)

Furthermore, according to (4), the well-known far-field
array response vectors of ULAs and UPAs can be calculated,
which are respectively given by:

afarULA(θ) = [e−j 2π
λ
Ñd cos θ , . . . , ej

2π
λ
Ñd cos θ ]T, (16)

afarUPA(θ, φ) = [e−j 2π
λ
Ñxdx cos θ sinφ, . . . , ej

2π
λ
Ñxdx cos θ sinφ]T

⊗ [e−j 2π
λ
Ñzdz cosφ, . . . , ej

2π
λ
Ñzdz cosφ]T. (17)

By comparing the far-field array response vectors
in (16), (17) with the near-field array response vectors in (13)
and (15), we obtain the following insights:

• Near-field channels dependent on both angle and dis-
tance. This is the major difference between near-
field and far-field channels. Compared with far-field
channels, the additional distance dependence provides
additional DoFs for NFC system design.

• Far-field channels are special cases of near-field chan-
nels. It can be observed that the far-field array response
vectors in (16) and (17) can be obtained by omitting
the phase terms that include d2

r in (13) and (15). This
implies that when r is sufficiently large such that these
terms become negligible, the near-field channel reduces
to a far-field channel.

2) MIMO CHANNEL MODEL

We continue to discuss MIMO systems. Let us consider a
MIMO system consisting of an NT -antenna transmitter and
an NR-antenna receiver, where NR = 2ÑR + 1 and NT =
2ÑT + 1. The antenna indices of the transmit and receive
antenna arrays are given by n ∈ {−ÑT , . . . , ÑT} and m ∈
{−ÑR, . . . , ÑR}. Let rm = [rmx , r

m
y , r

m
z ]T and sn = [snx, s

n
y, s

n
z ]T

denote the Cartesian coordinates of the m-th element of the
receive antenna array and the n-th element of the transmit
antenna array, respectively, and let r = ‖r0 − s0‖ denote the
distance between the central elements of the receive and the
transmit antenna array. Furthermore, s0 = [0, 0, 0]T is again
the origin of the coordinate system.
For the planar-wave-based far-field channel, let θ and φ

denote the azimuth and elevation angles of the receiver with
respect to the x–z plane, respectively. Then, for the far-
field link between the m-th receive antenna and the n-th
transmit antenna, the propagation distance is given by rm,n =
r+kT(θ, φ)sn+kT(θ, φ)(rm−r0). By defining r̃m = rm−r0,
the resulting channel coefficient is given by

hm,nfar (θ, φ, r) = βm,ne
−j 2π

λ
re−j

2π
λ
kT(θ,φ)sne−j

2π
λ
kT(θ,φ)r̃n, (18)
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Similar to the MISO case, the channel gains βm,n are
assumed to have identical values of β due to the large prop-
agation distance in the far-field region. According to (18),
the far-field LoS MIMO channel can be divided into the
transmit-side component e−j 2π

λ
kT(θ,φ)sn and the receive-side

component e−j 2π
λ
kT(θ,φ)r̃n . Therefore, it can be modelled as

the multiplication of transmit and receive array response
vectors as follows:

Far-Field LoS MIMO Channel

HLoS
far = β̃aRfar(θ, φ)

(
aTfar(θ, φ)

)T
. (19)

Here, β̃ = βe−j 2π
λ
r denotes the complex channel gain, and

aTfar(θ, φ) and aRfar(θ, φ) denote the transmit and receive array
response vectors, respectively, which are given as follows:

aTfar(θ, φ) =
[
e
−j 2π

λ
kT(θ,φ)s−ÑT , . . . , e

−j 2π
λ
kT(θ,φ)sÑT

]T

,

aRfar(θ, φ) =
[
e
−j 2π

λ
kT(θ,φ)r̃−ÑR , . . . , e

−j 2π
λ
kT(θ,φ)r̃ÑR

]T

. (20)

It is worth noting that the far-field LoS MIMO channel
in (19) always has rank one, leading to low DoFs, i.e.,

DoFLoSfar = rank
{
HLoS

far

}
= 1. (21)

For the near-field spherical-wave-based channel, similar to
the MISO case, the propagation distance of each link in the
LoS channel has to be calculated more accurately as rm,n =
‖rm − sn‖, resulting in the following channel coefficient:

hm,nnear(sn, rm) = βm,ne
−j 2π

λ
‖rm−sn‖. (22)

If distance r is larger than the uniform-power distance,
the channel gains βm,n are approximated to have the same
value β. In contrast to the far-field LoS MIMO channel,
the near-field LoS MIMO channel cannot be decomposed
into transmit-side and receive-side components. Therefore,
the near-field LoS MIMO channel needs to be modelled as

Near-Field LoS MIMO Channel
[
HLoS

near

]

m,n
= βe−j

2π
λ

‖rm−sn‖. (23)

In particular, the near-field LoS MIMO channel matrix
typically has high rank due to the non-linear phase [32],
resulting in high DoFs, i.e.,

DoFLoSnear = rank
{
HLoS

near

}
≥ 1. (24)

Furthermore, multipath propagation will also occur in
near-field MIMO channels if scatterers are present in the
environment. Near-field multipath propagation is illustrated
in Fig. 8. As can be observed, the NLoS MIMO channel
can be regarded as the combination of two MISO chan-
nels with respect to the transmitter and receiver, respectively.
Therefore, it can be written as the multiplication of the near-
field array response vectors at the transmitter and receiver.

FIGURE 8. Near-field multipath MIMO channel model.

Therefore, the near-field multipath channel can be modelled
as follows:

Near-Field Multipath MIMO Channel (LoS + NLoS)

Hnear = HLoS
near +

L∑

�=1

β̃�aR(r̃�)aT
T(r̃�)︸ ︷︷ ︸

NLoS

. (25)

Here, the near-field transmit array response vectors aT(r̃�)
and receive array response vector aR(r̃�) are defined as fol-
lows:

aT(r̃�) = [e−j 2π
λ

‖r̃�−s−ÑT ‖
, . . . , e

−j 2π
λ

‖r̃�−sÑT
‖]T
, (26)

aR(r̃�) = [e−j 2π
λ

‖r̃�−r−ÑR‖
, . . . , e

−j 2π
λ

‖r̃�−rÑR
‖]T
. (27)

In a rich scattering environment, i.e., L � 1, the MIMO
channel in (25) can achieve full rank due to the random
phase-shifts imposed by scatterers, i.e., for the case of SDP
antennas, the DoFs are given by:

DoFNLoSnear = rank
{
HNLoS

near

}
= min{NT ,NR}. (28)

It can be observed that near-field NLoS MIMO channels
have a similar structure as far-field MIMO channels, which
can be written as the multiplication of transmit and receive
array response vectors. However, near-field LoS MIMO
channels have a significantly different structure. In the fol-
lowing, to obtain more insights into near-field LoS MIMO
channels, we discuss two specific antenna array geometries,
namely parallel ULAs and parallel UPAs.

• Parallel ULAs: We consider the MIMO system shown
in Fig. 9, with an NT -antenna ULA at the transmitter and
an NR-antenna ULA at the receiver, where NT = 2ÑT + 1
and NR = 2ÑR + 1. In particular, the two ULAs are
parallel to each other. The spacing between adjacent transmit
and receive antennas is denoted by dT and dR, respec-
tively. The angle and distance of the center of the receive
ULA with respect to the center of the transmit ULA
are denoted by θ and r, respectively. According to the
system layout in Fig. 9, the Cartesian coordinates of the
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FIGURE 9. System layout of near-field MIMO system with two parallel ULAs.

n-th elements at the transmitter and the m-th elements at
the receiver are sn = (ndT , 0),∀n ∈ {−ÑT · · · ÑT}, and
rm = (r cos θ − mdR, r sin θ),∀m ∈ {−ÑR · · · ÑR}, respec-
tively. Therefore, the distance ‖rm−sn‖ can be approximated
as follows:

‖rm − sn‖
=
√
r2 + (ndT + mdR)2 − 2r(ndT + mdR) cos θ

(a)≈ r − (ndT + mdR) cos θ + (ndT + mdR)2 sin2 θ

2r

= r − ndT cos θ + n2d2
T sin2 θ

2r
− mdR cos θ

+ m2d2
R sin2 θ

2r
+ ndTmdR sin2 θ

r
, (29)

where the Fresnel approximation (10) is exploited in step
(a). It can be observed that (29) involves three components,

namely −ndT cos θ+ n2d2
T sin2 θ

2r , −mdR cos θ+ m2d2
R sin2 θ

2r , and
ndTmdR sin2 θ

r , where the first two components depend only
on n and m, respectively, while the last one involves both
n and m. Therefore, the near-field LoS MIMO channel
matrix for parallel ULAs can be expressed via the ULA
array response vectors in (13) and an additional coupled
component as follows:

Near-Field LoS MIMO Channel for Parallel ULAs

HLoS
ULA = β̃aRULA(θ, r)

(
aTULA(θ, r)

)T 	 Hc, (30a)

[Hc]m,n = e−j
2π
λr ndTmdR sin2 θ , (30b)

where β̃ = βe−j 2π
λ
r denotes the complex channel gain.

Remark 2: As can be observed in (30), the near-field LoS
MIMO channel matrix between parallel ULAs includes an
additional coupled component, i.e., Hc, which cannot be
decomposed into the multiplication of transmitter-side and
receiver-side array response vectors. Due to the presence
of this coupled component, near-field LoS MIMO channels
exhibit higher DoFs than far-field LoS MIMO channels.
For two parallel ULAs, the DoFs of the near-field LoS

MIMO channel can be calculated through diffraction theory
or eigenfunction analysis, which leads to [32]:

DoFULAnear = min

{
(NT − 1)dT(NR − 1)dR

λr
,NT ,NR

}
. (31)

As can be observed, if the numbers of transmit and receive
antennas are large enough, the DoFs between parallel ULAs
are given by (NT−1)dT (NR−1)dR

λr .
• Parallel UPAs: The near-field LoS MIMO channel

matrix for two parallel UPAs can be calculated in a sim-
ilar manner as that for two parallel ULAs. Assume that
the transmit UPA is deployed in the xz-plane and is
composed of NT = NxT × NzT antenna elements with spac-
ing dxT and dzT along the x- and z- directions, and the
receive UPA is parallel to the transmit UPA and is com-
posed of NR = NxR × NzR antenna elements with spacing
dxR and dzR along the two directions. More particularly,
Nxi = 2Ñxi + 1 and Nzi = 2Ñzi + 1,∀i ∈ {T,R}. The antenna
element indices of transmitter and receiver are denoted
as (m, n),∀m ∈ {−ÑxT , . . . ÑxT}, n ∈ {−ÑzT , . . . ÑzT}, and
(p, q),∀p ∈ {−ÑxR, . . . ÑxR}, p ∈ {−ÑzR, . . . ÑzR}, respectively.
Then, we have the following results:

Near-Field LoS MIMO Channel for Parallel UPAs

HLoS
UPA = β̃aRUPA(θ, φ, r)

(
aTUPA(θ, φ, r)

)T

	(Hx
c ⊗ Hz

c

)
, (32a)

[
Hx
c

]
q,n = e−j

2π
λr nd

x
Tqd

x
R

(
1−cos2 θ sin2 φ

)
, (32b)

[
Hz
c

]
p,m = e−j

2π
λr md

z
Tpd

z
R sin2 φ. (32c)

Similar to the case of parallel ULAs, the above near-field
LoS MIMO channel matrix for parallel UPAs also involves
a coupled component, i.e., Hx

c ⊗ Hz
c, thus resulting in high

DoFs. For two parallel UPAs, the DoFs are given by [32]:

DoFUPAnear = min

{
2ATAR
(λr)2

,NT ,NR

}
, (33)

where AT = (NxT − 1)dxT(N
z
T − 1)dzT and AR = (NxR −

1)dxT(N
z
R − 1)dzT are the apertures of the transmitting and

receiving UPAs, respectively. Similar to the case of the par-
allel ULAs, if NT and NR are sufficiently large, the DoFs
are given by 2ATAR

(λr)2
.

The main differences between near-field and far-field
channels are summarized in Table 3.

B. NON-UNIFORM CHANNEL MODEL FOR SPD
ANTENNAS
In the previous subsection, we reviewed the near-field chan-
nel model based on spherical waves and highlighted its
major differences compared with the far-field channel model.
Recall that the near-field channel coefficient between a
transmit antenna sn and a receive antenna rm is given by

h(sn, rm) = βm,ne
−j 2π

λ
‖rm−sn‖, (34)

In the previous subsection, we assumed that the propagation
distance r = ‖r0 − s0‖ with respect to the central elements
of the antenna arrays is larger than the uniform-power dis-
tance, resulting in negligible variations of the channel gains
of different links. However, when r is smaller than then
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TABLE 3. Comparison between near-field and far-field channel models for SPD antennas.

uniform-power distance or the antenna aperture is extremely
large, the channel gain variations can no longer be neglected.
In this case, more accurate channel gain models of near-field
channels are required. In the following, we discuss different
channel gain models valid under different assumptions.

1) USW MODEL [30], [31]

We first briefly review the USW model defined in the
previous section. In this model, the propagation distance
r is larger than the uniform-power distance, resulting in uni-
form channel gains, i.e., βm,n ≈ β0,0,∀m, n. The channel
gain β0,0 is mainly determined by the free-space path loss,
which is given by β0,0 = 1√

4πr2
. Therefore, the USW model

for near-field channels is given by

USW Model of Near-Field Channels

hU(sn, rm) = 1√
4πr2

e−j
2π
λ

‖rm−sn‖. (35)

2) NUSW MODEL [33], [34]

In this model, the propagation distance r is smaller than the
uniform-power distance, where the channel gain variations
are not negligible. As a result, the channel gains of different
links are non-uniform and have to be calculated separately.
More specifically, the channel gain can also be calculated
according to the free-space path loss, which leads to βm,n =

1√
4π‖rm−sn‖2

. The NUSW model for near-field channels is

given as follows:

NUSW Model of Near-Field Channels

hN(sn, rm) = 1
√

4π‖rm − sn‖2
e−j

2π
λ

‖rm−sn‖. (36)

3) A GENERAL MODEL

Although the NUSW model is more accurate than the USW
model within the uniform-power distance, it still fails to
capture the loss in channel gain caused by the effective
antenna aperture and polarization mismatch, especially when
the antenna arrays are of considerable size. The effective

antenna aperture characterizes how much power is cap-
tured from an incident wave,3 and the polarization mismatch
means the angular difference in polarization between the
incident wave and receiving antenna [36], [37]. To this end,
we introduce a general model for near-field channels, which
has three components for the channel gain, namely free-
space path loss, effective aperture loss G1, and polarization
loss G2. In the following, we explain how to calculate G1
and G2. Moreover, we assume that the transmit antenna has
a unit effective area and the receive antenna is a hypothetical
isotropic antenna element whose effective area is given by
λ2

4π [35], [36], [37].

• Effective Aperture Loss: As the signals sent by different
array elements are observed by the receiver from dif-
ferent angles, the resulting effective antenna area varies
over the array. The effective antenna area equals the
product of the maximal value of the effective area and
the projection of the array normal to the signal direc-
tion. Let ûs denote the normalized normal vector of
the transmitting array at point sn. For example, when
the transmitting array is placed in the x–z plane, we
have ûs = [0, 1, 0]T. Then, the power gain due to the
effective antenna aperture is given as follows [26]:

G1(sn, rm) = (rm − sn)Tûs
‖rm − sn‖ . (37)

• Polarization Loss: The polarization loss is also caused
by the fact that the receiver sees the signals sent
by different array elements from different angles. The
power loss due to polarization is defined as the squared
norm of the inner product between the receiving-
mode polarization vector at the receive antenna and the
transmitting-mode polarization vector of the transmit
antenna.

3. Effective aperture or effective area characterizes the received power of
an antenna [35], [36], [37], [38]. Assume that the incident wave has the same
polarization as the receive antenna and is travelling towards the antenna in
the antenna’s direction of maximum radiation (the direction from which the
most power would be received). Then, the effective aperture describes how
much power is captured from a given incident wave. Let p0 be the power
density of the incident wave (in Watt/m2). Then, the antenna’s received
power (in Watts) is given by p0Ae. An antenna’s effective area or aperture is
defined for reception. However, due to reciprocity, an antenna’s directivities
for reception and transmission are identical, so the power transmitted by an
antenna in different directions is also proportional to the effective area [35],
[36], [37], [38].
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Lemma 1: The polarization gain factor for transmit
antenna s and receive antenna r can be expressed as follows:

G2(s, r) =
∣∣ρT

w(r)e(s, r)
∣∣2

‖e(s, r)‖2
, (38)

e(s, r) =
(

I − (r − s)(r − s)T

‖r − s‖2

)

Ĵ(s), (39)

where ρT
w(r) denotes the normalized receiving-mode polar-

ization vector of the receive antenna and Ĵ(s) denotes the
normalized electric current vector at the transmit antenna.
Proof: Please refer to Appendix A.
Remark 3: It is worth noting that the influence of polar-

ization loss was also considered in [39], [40]. Yet, the
derived results apply when the receiving-mode polarization
vector of the receive antenna and the normalized electric
current vector is along the y-axis. By contrast, (38) applies
to arbitrary ρw(r) and Ĵ(s), which yields more generality.

Taking into account the free-space path loss, effective
aperture loss G1, and polarization loss G2, the general model
for the near-field channel coefficients is given by

A General Model of Near-Field Channels

hG(sn, rm) =
√
G1(sn, rm)G2(sn, rm)

4π‖rm − sn‖2
e−j

2π
λ

‖rm−sn‖. (40)

Note that all three loss components are functions of the
position of the transmit antenna, sn, and the position of
the receive antenna, rm. In fact, the above-mentioned USW
and NUSW channel models are special cases of the general
model given in (40), which is further explained in detail in
Section IV.

4) UNIFORM-POWER DISTANCE

According to the previous discussion, the uniform-power dis-
tance is an important figure of merit distinguishing the region
where the USW model is sufficiently accurate compared
with the NUSW model and general model. In particular, the
uniform-power distance can be defined based on the ratio of
the weakest and strongest channel gains of the NUSW model
or the general model. Let us take the general model as an
example, where the channel gains of the links are given by

βGm,n =
√
G1(sn, rm)G2(sn, rm)

4π‖rm − sn‖2
. (41)

Then, the uniform-power distance rUPD can be defined as
follows [25], [26]:

rUPD = arg min
r

r (42a)

s.t.
minm,n βGm,n
maxm,n βGm,n

≥ �, (42b)

where � is the minimum threshold for the ratio. Generally,
the value of � is selected to be slightly smaller than 1. In
this case, when r ≥ rUPD, all channel gains βm,n,∀m, n,

FIGURE 10. Illustration of Rayleigh distance, uniform-power distances, and Fresnel
distance, where the BS is equipped with a ULA with N = 257 antennas and operates at
a frequency of 28 GHz. The antenna spacing is set to d = λ

2 = 0.54 cm. The aperture of
the ULA is D = (N − 1)d = 1.37 m.

have comparable values, indicating that the USW model is
sufficiently accurate.
Additionally, the uniform-power distance rUPD can also

be approximately calculated based on the NUSW model, for
which the channel gain is given as follows:

βNm,n = 1
√

4π‖rm − sn‖2
. (43)

In Fig. 10, we illustrate the Rayleigh distance, uniform-
power distance, and Fresnel distance with respect to a BS
equipped with a ULA. In particular, the uniform-power dis-
tance is calculated by setting � = 0.95. It can be observed
that the Fresnel distance is much smaller than the Rayleigh
distance, which indicates that the Fresnel approximation
is sufficiently accurate in most of the near-field region.
Additionally, it is important to note that the uniform-power
distance is not always smaller than the Rayleigh distance
since they are defined based on different criteria: channel
gain variations and phase errors, respectively. By further
comparing the conventional NUSW model and the general
model, the uniform-power distance obtained by the general
model, which is more accurate, is slightly larger. Finally,
it can be concluded that the USW model, which is based
on Fresnel approximation, can adequately address most sce-
narios occurring in communication networks, as both the
uniform-power distance and Fresnel distance are in close
proximity to the BS.

C. GREEN’S FUNCTION-BASED CHANNEL MODEL FOR
CAP ANTENNAS
Near-field channel modelling for CAP antennas is much
more challenging than that for SPD antennas. In this
subsection, we consider the scenario where both transmitter
and receiver are equipped with CAP antennas, which is an
analogy to the MIMO scenario for SPD antennas. In con-
trast to the case of SPD antennas, CAP antennas support a
continuous distribution of source currents, denoted by J(s),
where s is the source point within the transmitting volume
VT . The electric radiation field E(r) can be formulated as

2010 VOLUME 4, 2023



follows [19]:

E(r) =
∫

VT
G(s, r)J(s)ds, (44)

where G(s, r) is the tensor Green’s function and r denotes
the field point (location of the receiver). For simplicity, we
consider the case where the wireless signal is vertically polar-
ized. As a result, the equivalent electric currents induced
within VT are in y-direction, i.e., J(s) = ûyJy(s) and the
electric field they generate at the receiver is E(r) = ŷEy(r).
According to (44), this received field is given as follows [41]:

Ey(r) =
∫

VT
Gyy(s, r)Jy(s)ds, (45)

where Gyy is the (y, y)-th element of the Green’s tensor. For
free-space transmission, we have:

Gyy(s, r) = −
(

jωμ0 + k2
0

jωε0

)
e−j 2π

λ
‖r−s‖

4π‖r − s‖ , (46)

where μ0 and ε0 are the free space permeability and per-
mittivity, respectively, ω is the angular frequency of the
signal, and k0 is the wave number. It is worth noting that
the Green’s function in (46) can be further simplified using
different approximations. In fact, the approximations used
to arrive at the UPW, USW, and NUSW models for SPD
antennas can also be applied to the Green’s function for CAP
antennas. We will further elaborate on this in Section III. To
obtain the channel gain between CAP antennas, we evaluate
the overall received signal power over the receiving volume
(VR), i.e.,

|hCAP|2 =
∫

VR
E∗
y (r)Ey(r)dr. (47)

Then, by substituting (45) into (47) and denoting the nor-
malized current distribution within VT by J̃y(s), we obtain
the end-to-end channel gain between two CAP antennas as
follows [32]:

Green’s Function-Based Near-Field Channel Gain for
CAP Antennas

|hCAP|2 =
∫

VT
J̃∗
y (s1)

∫

VT
K(s1, s2)J̃y(s2)ds1ds2, (48)

where < J̃y(s), J̃y(s) >= ∫Vt J̃y(s)J̃∗
y (s)ds = 1 holds, VR

denotes the receiving volume, and

K(s1, s2) =
∫

VR
G∗
yy(s1, r)Gyy(s2, r)dr. (49)

Due to the presence of multiple orthogonal current dis-
tributions across the transmit and receive apertures, we can
encode data streams into these orthogonal currents to realize
DCAP parallel channels [39]:

yn = hnxn + wn, (50)

where hn is the channel coefficient of the n-th parallel chan-
nel, xn is the input symbol for the n-th channel which is

associated with current distribution Jn(s), wn is the additive
noise at the receiver, and n ∈ {1, . . . ,DCAP} is the index of
the parallel channels. Note that the relation between |hn|2 and
Jn(s) is given by (48). In order to determine the orthogonal
currents Jn(s), which is necessary to exploit the correspond-
ing DoF, we consider the following eigenvalue problem,
where kernel function K is a Hermitian operator:

|hn|2 · Jn(s1) =
∫

VT
K(s1, s2)Jn(s2)ds2. (51)

Since K(s1, s2) is a Hermitian operator, the eigenvalue
problem in (51) has eigenfunctions {J1, J2, . . .}, and the
corresponding eigenvalues are {h1, h2, . . .}.
The DoFs of the near-field channel model for CAP anten-

nas are analyzed as follows. The channel gains between two
CAP antennas can be calculated as the eigenvalues of (51).
Thus, the DoFs are equal to the number of eigenfunctions
(Jn) corresponding to non-negligible eigenvalues (hn), so the
resulting channel is useful. Particularly, for wireless commu-
nication between two rectangular prism CAP antennas, the
available DoFs are given as follows [41]:

DoFCAPnear = 2VTVR
(λr)2�zT�zR

, (52)

where r is the communication distance (defined as the dis-
tance between the centers of the two CAP antennas) and
�zT/R is the width of the transmitting/receiving volume of
the CAP antennas. As can be observed from (52), the DoFs
of CAP antennas not only increase with the aperture size but
also depend on the carrier frequency (inverse of wavelength)
and the communication distance.

D. DISCUSSION AND OPEN RESEARCH PROBLEMS
In this section, we reviewed the most important near-field
channel models and introduced general channel models for
SPD and CAP antennas. The discussed near-field models
are interrelated, specifically, the simplified USW models
for ULAs and UPAs are derived by adopting the Fresnel
approximation for the USW model. In addition, as shown
in Fig. 3, the UPW and USW models are special cases of
the NUSW model and the general model. Thus, the UPW,
USW, NUSW, and general models have increasing levels
of accuracy and complexity. Although accurate models for
free-space deterministic near-field channels have been estab-
lished in this section, see also [19], [30], [31], [32], [33],
[34], [41], statistical channel models for near-field multipath
fading still remain an open problem. Further research on
statistical near-field channel modelling is required to fully
describe the behaviour of near-field channels. Some of the
key research directions are as follows:

• Accurate and compact statistical channel models for
SPD antennas: New statistical models need to be
developed which capture the complex dynamics of the
near-field channel, such as the impact of obstacles,
reflections, and diffractions. However, it is difficult
to explicitly model each multipath component of a
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near-field NLoS channel. Compact statistical channel
models are needed to capture both the multipath effect
and the near-field effects. Another challenge is to
develop accurate models for the reactive near-field
region, where evanescent waves are dominant.

• Statistical channel models for CAP antennas: For
CAP antennas, existing channel models are based on
the Green’s function method [19], [41]. However, the
Green’s function method is non-trivial to use in scatter-
ing environments. This is because the explicit modelling
of the signal sources is difficult for the multipath
components caused by scatterers. Developing statisti-
cal channel models for CAP antennas remains an open
problem.

• Validation of existing models by channel measurements:
Further validation of statistical channel models for
NFC is required using empirical measurements [42].
Specifically, channel measurements involve measuring
the received signal strength, time delay, and phase shift
of the signals. Overall, validating and verifying chan-
nel models using channel measurements is an iterative
process that requires careful experimentation, analysis,
and comparison with the discussed models.

III. NEAR-FIELD BEAMFOCUSING AND ANTENNA
ARCHITECTURES
In wireless communications, beamforming is used to enhance
signal strength and quality by directing the signal towards the
intended receiver using an array of antennas. This requires
adjusting the phase and amplitude of each antenna element
to create a constructive radiation pattern, rather than radiat-
ing the signal uniformly. Compared with FFC beamforming,
NFC introduces a new beamforming paradigm, referred to
as beamfocusing. In this section, we present the properties
of near-field beamfocusing and then discuss various antenna
architectures for narrowband and wideband communication
systems, which is followed by an introduction to near-field
beam training.

A. NEAR-FIELD BEAMFOCUSING
The near-field array response vector under the spherical
wave assumption depends on both the angle and distance
between transmitter and receiver, c.f., (7), (13), and (15).
By taking advantage of this property, NFC beamforming
can be designed to act like a spotlight, allowing focusing on
a specific location in the polar domain. This is known as
beamfocusing, and is different from FFC beamforming. In
FFC, beamforming can only be used to steer the transmitted
signal in a specific direction in the angular domain, similar
to a flashlight, which is known as beamsteering. To further
elaborate, we consider a ULA with N transmit antenna ele-
ment, where N = 2Ñ+1. For illustration, we take the USW
model in (13) as an example. In this case, the n-th element of
the near-field array response vector, where n ∈ {−Ñ, . . . , Ñ},
can be written as

[a(θ, r)]n = e
−j 2π

λ

(
−nd cos θ+ n2d2 sin2 θ

2r

)

. (53)

FIGURE 11. Correlation of array response vectors for different sizes of the antenna
array with half-wavelength antenna spacing in a system operating at frequency
28 GHz.

By taking the above array response vector model as an
example, in the following, we introduce two important
properties of near-field beamfocusing, namely asymptotic
orthogonality and depth of focus.

1) ASYMPTOTIC ORTHOGONALITY

The near-field array response vector demonstrates an asymp-
totic orthogonality [43], which implies that the correlation
between two array response vectors tends to zero when
the number of antenna elements N is sufficiently large.
Mathematically, this can be expressed as follows:

lim
N→+∞

1

N
|aT(θ1, r1)a∗(θ2, r2)| = 0,

for θ1 �= θ2 or r1 �= r2. (54)

In Fig. 11, we depict the correlation of array response vec-
tor a(θ, r) with all other possible array response vectors in
the two-dimensional space when θ = π

4 and r = 5.5 m. As
observed, as N increases, vector a(θ, r) gradually becomes
orthogonal to all other array response vectors, particularly in
the distance domain. This asymptotic orthogonality is funda-
mental to near-field beamfocusing. For instance, consider a
two-user communication system, where two single-antenna
users are located at (θ1, r1) and (θ2, r2), respectively. By
assuming an LoS-only communication channel, the received
signal at user 1 can be expressed as

y1 = β1aT(θ1, r1)f1s1 + β1aT(θ1, r1)f2s2 + n1, (55)

where β1 is the channel gain, f1 and f2 represent the beam-
formers for the two users, s1 and s2 are the desired signals
of the two users, and n1 denotes the complex Gaussian
noise at user 1 with a power of σ 2

1 . Then, the signal-to-
interference-plus-noise ratio (SINR) for decoding s1 at user
1 is given by

γ1 = |β1aT(θ1, r1)f1|2
|β1aT(θ1, r1)f2|2 + σ 2

1

. (56)
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According to the asymptotic orthogonality in (54), the

beamformers can be designed as f1 =
√

P1
N a∗(θ1, r1) and

f2 =
√

P2
N a∗(θ2, r2), where P1 and P2 denotes transmit pow-

ers allocated to user 1 and user 2, respectively. Consequently,
for a sufficiently large N, the SINR can be calculated as

γ1 =
|β1|2P1
N |aT(θ1, r1)a∗(θ1, r1)|2

|β1|2P2
N |aT(θ1, r1)a∗(θ2, r2)|2 + σ 2

1

= |β1|2P1

|β1|2P2
1
N2 |aT(θ1, r1)a∗(θ2, r2)|2 + 1

N σ
2
1

≈ |β1|2P1N

σ 2
1

, (57)

where the second equality stems from the fact that
|aT(θ1, r1)a∗(θ1, r1)| = N and the approximation in the
last step is due to the asymptotic orthogonality in (54).
Drawing from the aforementioned analysis, we can deduce
that in NFC, it is possible to focus the desired signal of
a specific user precisely at the intended location without
introducing interference to other users situated elsewhere.
This implies that beamfocusing can be achieved. Compared
to far-field beamsteering, for near-field beamfocusing, the
distance can also contribute to the asymptotic orthogonality
of array response vectors. Thus, inter-user interference can
also be effectively mitigated even if the users are located in
the same direction.

2) DEPTH OF FOCUS

In the previous section, we discussed the asymptotic orthog-
onality when the number of antennas tends to infinity.
However, in practice, the number of antennas is limited,
which implies that the orthogonality between two different
near-field array response vectors cannot be strictly achieved.
Depth of focus is an important metric for evaluating the
attainability of the orthogonality of near-field array response
vectors in the distance domain [21], [31]. This charac-
teristic sets near-field beamfocusing apart from far-field
beamsteering.

Let us take the beamformer f =
√

P
N a

∗(θ, r) as an exam-
ple, where P denotes the transmit power. We aim to find
an interval [rmin, rmax] of maximum length, such that for
r0 ∈ [rmin, rmax], the following condition holds:

1

N
|aT(θ, r0)a∗(θ, r)| ≥ �DF, (58)

where �DF is a desired threshold. Then, the depth of focus is
defined as the length of this interval, i.e., DF = rmax − rmin.
From the SINR perspective, when a user is located in the
same direction but out of the depth of focus, the interference
generated by beamformer f is relatively small. Consequently,
a smaller depth of focus indicates better beamfocusing
performance. Typically, the depth of focus is calculated based
on a 3 dB criterion, i.e., �DF = 1

2 . The 3 dB depth of
focus of beamformer f in different directions is given in the
following lemma.

FIGURE 12. Depth of focus of a beamformer focused at difference distance r in
direction θ = π

2 . Here, we assume the BS is equipped with an ULA with N = 257
antennas and operates at a frequency of 28 GHz. The antenna spacing is set to
half-wavelength. Therefore, we have rR ≈ 350 m and rDF ≈ 35 m.

Lemma 2 (Depth of Focus): The 3 dB depth of focus of

beamformer f =
√

P
N a

∗(θ, r) in direction θ is given by

DF3dB =
{

2r2rDF
r2
DF−r2 , r < rDF,

∞, r ≥ rDF,
(59)

where rDF ≈ N2d2 sin2 θ

2λη2
3dB

and η3dB = 1.6.

Proof: Please refer to Appendix B.
From Lemma 2, we observe that the depth of focus tends

to infinity if the focus distance r is larger than the threshold
rDF, as shown in Fig. 12. This implies that beamfocusing
degenerates to beamsteering, since the orthogonality in the
distance domain is almost lost. Therefore, the region within
distance rDF is referred to as the focusing region, where
beamfocusing is achievable. To obtain more insights, we
compare rDF with the Rayleigh distance. Recall that for
θ = π

2 , the Rayleigh distance is given by

rR = 2D2

λ
, (60)

where D = (N−1)d denotes the aperture of the ULA. When
θ = π

2 , rDF is given by

rDF = N2d2

2λη2
3dB

≈ D2

2λη2
3dB

≈ 1

10
rR. (61)

The above result suggests that beamfocusing is not univer-
sally achievable in the near-field region. Instead, it can only
be achieved within a limited fraction, specifically within
one-tenth, of the near-field region. For example, consider
a BS with a Rayleigh distance of 350 m and a focusing
region confined to just 35 m according to the 3 dB depth
of focus. Therefore, ELAAs are crucial for near-field beam-
focusing as they can realize both a large focusing region
and a small depth of focus. When the number of antennas
tends to infinity, it can be easily shown that DF3dB → 0
and rDF → ∞, which implies optimal near-field beamfocus-
ing can be achieved in the full-space. In the following, we
discuss beamfocusing for two different ELAA architectures,
namely SPD and CAP antennas.
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B. BEAMFOCUSING WITH SPD ANTENNAS
Conventionally, the signal processing in multi-antenna
systems is carried out in the baseband, i.e., fully-digital
signal processing. However, this is not possible for near-
field beamfocusing in practice since ELAAs and extremely
high carrier frequencies are needed, where the number of
power-hungry radio-frequency (RF) chains has to be kept
at a minimum [44]. On the other hand, purely analog pro-
cessing causes a loss in performance compared to digital
processing. As a remedy, hybrid beamforming has been
proposed as a practical solution to address this issue. In
hybrid beamforming, a limited number of RF chains are
utilized by a low-dimensional digital beamformer, followed
by a high-dimensional analog beamformer [45], [46], [47],
[48]. Generally, the analog components are power-friendly
and easy to implement. In the following, we discuss differ-
ent hybrid beamforming architectures for narrowband and
wideband systems to facilitate near-field beamfocusing.

1) NARROWBAND SYSTEMS

Let us consider a BS equipped with an N-antenna ULA,
where N = 2Ñ+1, serving K single-antenna communication
users. There are only NRF RF chains equipped at the BS,
where NRF � N. In the context of narrowband flat fading,
the discrete-time baseband model for the received signal at
user k is given by

yk = hT
kFRFFBBx + nk, (62)

where x ∈ C
K×1 contains the information symbols for the K

users and nk ∼ CN (0, σ 2
k ) is additive Gaussian white noise

(AWGN). FRF ∈ C
N×NRF and FBB ∈ C

NRF×K denote the
analog beamformer and the baseband digital beamformer,
respectively. hk ∈ C

N×1 denotes the multipath NFC channel
comprising one LoS path and Lk resolvable NLoS paths for
user k. According to (11) and (53), adopting the USW model
and ULAs, the multipath channel hk is given as follows:

hk = βka(θk, rk)+
Lk∑

�=1

β̃k,�a
(
θ̃k,�, r̃k,�

)
, (63)

where βk and β̃k,� denote the complex channel gain of the
LoS link and the �-th NLoS link, respectively, (θk, rk) is the
location of user k, and (θ̃k,�, r̃k,�) is the location of the �-th
scatterer for user k. In NFC, the analog beamformer real-
izes an array gain by generating beams focusing on specific
locations, such as the locations of the users and scatter-
ers, while the digital beamformer is designed to realize a
multiplexing gain. The analog beamformer FRF is subject
to specific constraints imposed by the hardware architecture
of the analog beamforming network. In the following, we
first briefly review the conventional phase-shifter (PS) based
hybrid beamforming architecture.
In PS-based hybrid beamforming architectures, the RF

chains can be either connected to all antennas (referred
to as fully-connected architectures) or a subset of anten-
nas (referred to as sub-connected architectures) via PSs,

FIGURE 13. Architectures for PS-based hybrid beamforming.

as shown in Fig. 13(a) and Fig. 13(b), respectively. The
respective analog beamformers can be expressed as

F(full)RF =
[
f(full)RF,1 , . . . , f

(full)
RF,NRF

]
, (64)

F(sub)RF = blkdiag
([

f(sub)RF,1 , . . . , f
(sub)
RF,NRF

])
, (65)

where f(full)RF,n ∈ C
N×1 and f(sub)RF,n ∈ C

N
NRF

×1 denotes the analog
beamformers for the n-th RF chain in the fully-connected
and sub-connected architectures, respectively. The required
number of PSs for these two architectures is NRFN and N,
respectively. Recalling the fact that PSs can only adjust the
phase of a signal, the unit-modulus constraint has to be
satisfied, which implies

∣∣∣∣
[
f(full/sub)RF,n

]

m

∣∣∣∣ = 1,∀m, n. (66)

For the PS-based hybrid beamforming architecture, the
achievable rate for each user k is given by

Rk = log2

(

1 + |hT
kFRFfBB,k|2

∑
i �=k |hT

kFRFfBB,i|2 + σ 2
k

)

, (67)

where fBB,k denotes the k-th column of FBB. Then, the ana-
log and digital beamformers can be designed to achieve
different objectives with respect to Rk, such as maximiz-
ing spectral efficiency or energy efficiency. However, due
to the coupling between FRF and FBB and the constant-
modulus constraint on the elements of FRF, it is not easy to
directly obtain the optimal analog and digital beamformers.
In the following, two alternative approaches are introduced
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to solve hybrid beamforming optimization problems, namely
fully-digital approximation [44], [45], [46], [47] and heuristic
two-stage optimization [49], [50], [51], [52].

• Fully-digital Approximation: This approach aims to
minimize the distance between the hybrid beamformer
and the unconstrained fully-digital beamformer Fopt,
which can be effectively obtained via existing methods
such as successive convex approximation (SCA) [53],
weighted minimum mean square error (WMMSE) [54],
and fractional programming (FP) [55]. Then, we only
need to solve the following optimization problem, where
we take the fully-connected hybrid beamforming archi-
tecture as an example with Pmax denoting the maximum
transmit power:

PHB: Hybrid Beamforming Optimization

min
FRF,FBB

∥∥Fopt − FRFFBB
∥∥2
F

s.t.
∣
∣[FRF]m,n

∣
∣ = 1,∀m, n,

∥
∥FRFFBB

∥
∥2
F ≤ Pmax. (68)

The existing literature suggests that fully-digital approx-
imation can achieve near-optimal performance [44].
In particular, several methods have been proposed to
solve problem (68) through orthogonal matching pur-
suit (OMP) [45], manifold optimization [46], and block
coordinate descent (BCD) [47]. Furthermore, it has been
proved in [48] that the Frobenius norm in problem (68)
can be made exactly zero when the number of RF chains
is not less than twice the number of information streams,
i.e., NRF ≥ 2K. However, it is important to note that the
complexity of this approach can be exceedingly high,
especially when the number of antennas is extremely
large, e.g., N = 512. On the one hand, this approach
requires the acquisition of the optimal Fopt, which has
the potentially large dimension N × K. On the other
hand, the design of FRF by solving problem (68) also
involves a large number of optimization variables. The
resulting potentially high computational complexity can
present a practical challenge in real-world applications.

• Heuristic Two-stage Optimization: This approach
involves a two-step process for designing beamform-
ers. Firstly, the analog beamformer FRF is implemented
using a heuristic design to generate beams focused at
specific locations. Following this, the digital beam-
former FBB is optimized with reduced dimension
NRF × K. One popular solution for the analog beam-
former is to design each column FRF such that the
corresponding beam is focused at the location of one
of the users through the LoS path. Hence, for NRF = K,
the following closed-form solution can be obtained
for the full-connected and sub-connected architectures,
respectively:

f(full)RF,k = a∗(θk, rk),∀k, (69)

f(sub)RF,k = [a∗(θk, rk)
]
(k−1)N
NRF

+1: kN
NRF
,∀k. (70)

For the resulting FRF, the equivalent channel gk ∈
C
NRF×1 for baseband processing can be obtained as fol-

lows:

gk = FT
RFhk. (71)

Then, the achievable rate of user k is given as follows:

Rk(FBB) = log2

(

1 + |gT
k fBB,k|2∑

i �=k |gT
k fBB,i|2 + σ 2

k

)

. (72)

As a result, the optimization of FBB can be
regarded as a reduced-dimension fully-digital beam-
former design problem. It can be solved with exist-
ing methods [53], [54], [55]. Compared to the fully-
digital approximation approach, the heuristic two-stage
approach exhibits much lower computational com-
plexity due to the closed-form design of the analog
beamformers and the low-dimensional optimization of
the digital beamformers.

2) WIDEBAND SYSTEMS

In wideband communication systems, orthogonal frequency
division multiplexing (OFDM) is usually adopted to effec-
tively exploit the large bandwidth resources and overcome
frequency-selective fading. Let W, fc, and Mc denote the
system bandwidth, central frequency, and the number of sub-
carriers of the OFDM system, respectively. The frequency
for subcarrier m is fm = fc+W(2m−1−Mc)

2Mc
. Adopting the USW

model for ULAs, the frequency-domain channel for user k at
subcarrier m after discrete Fourier transform (DFT) is given
by [28], [56]

h̃m,k = βm,ka(fm, θk, rk)+
Lk∑

�=1

β̃m,k,�a
(
fm, θ̃k,�, r̃k,�

)
, (73)

where βm,k and β̃m,k,� represent the complex channel gain
for subcarrier m of the LoS and NLoS paths, respectively.
We note that the in (73), near-field array response vector
a(fm, θ, r) is rewritten as a function of the carrier frequency
due to its frequency-dependence. More specifically, for the
array response vector in (53), the phase is inversely propor-
tional to the signal wavelength λ, and thus it is proportional
to the signal frequency f . In practice, the antenna spacing is
usually fixed to half a wavelength of the central frequency
d = λc

2 = c
2fc

, where c denote the speed of light. Thus,
the array response vector for subcarrier m can be expressed
as follows:

a(fm, θ, r) =
[
e−jπ

fm
fc
δ1(θ,r), . . . , e−jπ

fm
fc
δN (θ,r)

]T

, (74)

where δn(θ, r) = −n cos θ + n2d sin2 θ
2r . From (74), it can be

observed that the wideband near-field array response vector
is frequency-dependent, thus leading to frequency-dependent
communication channels for different OFDM subcarriers.
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FIGURE 14. Near-field beam split in wideband OFDM system, where N = 513,
fc = 28 GHz, W = 1 GHz, and Mc = 128. The beam is generated such that it is focused
on location (θ = π

4 , r = 5.5m) for the central frequency.

Then, if the conventional PS-based hybrid beamforming
architecture is used, the received signal at subcarrier m of
user k is given by

ỹm,k = h̃T
m,kFRFFmBBx̃m,k + ñm,k, (75)

where x̃m,k ∈ C
K×1 and ñm,k ∼ CN (0, σ 2

m,k) denote the
vector containing the information symbols for the K users
and the AWGN at subcarrier m, respectively. FRF ∈ C

N×NRF

and FmBB ∈ C
NRF×K denote the analog beamformer and the

low-dimensional digital beamformer for subcarrier m, respec-
tively. It can be observed that the analog beamformer FRF
realized by PSs is frequency-independent, which causes a
mismatch with respect to the frequency-dependent wideband
communication channel. This mismatch leads to the so-called
near-field beam split effect [22], [57]. In other words, a PS-
based analog beamformer focusing on a specific location
for one subcarrier will focus on different locations for other
subcarriers. To elaborate on this phenomenon, we assume
that one column fRF of FRF is designed such that the beam
is focused on location (θc, rc) at the central frequency fc,
i.e.,

fRF = a∗(fc, θc, rc). (76)

Then, the impact of the near-field beam split effect is
unveiled in the following lemma.
Lemma 3 (Near-Field Beam Split [56]): In wideband

NFC, the beam generated by PS-based beamformer fRF =
a∗(fc, θc, rc) is focused on location (θm, rm) for subcarrier m,
where

θm = arccos

(
fc
fm

cos θc

)
, rm = fm sin2 θm

fc sin2 θc
rc. (77)

Proof: Please refer to Appendix C.
Lemma 3 implies that the beam generated by fRF =

a∗(fc, θc, rc) will focus on location (θm, rm) for subcarrier m,
rather than the desired location (θc, rc). The resulting beam
split effect is illustrated in Fig. 14. If subcarrier frequency
fm deviates significantly from the central frequency fc, a

FIGURE 15. Architectures for TTD-based hybrid beamforming.

substantial loss of array gain occurs due to the beam split
effect.
To mitigate the performance degradation induced by beam

split, an efficient method is to exploit true time delayers
(TTDs) [58], [59], [60], which, similar to PSs, are analog
components. TTDs enable the realization of frequency-
dependent phase shifts by introducing variable time delays
of the signals. Specifically, a time delay t in the time
domain corresponds to a frequency-dependent phase shift of
e−j2π fmt at subcarrier m in the frequency domain. Therefore,
TTDs can be exploited to realize frequency-dependent ana-
log beamforming, which is a viable approach to mitigate
the near-field beam split phenomenon. A straightforward
way to implement such beamformers is to replace all PSs
with TTDs in the conventional hybrid beamforming archi-
tecture. However, the cost and power consumption of TTDs
is much higher than that of PSs, which makes this strategy
impractical. As a remedy, several TTD-based hybrid beam-
forming architectures leveraging both PSs and TTDs have
been proposed [61], [62], [63], [64], as depicted in Fig. 15.4

This architecture features an additional low-dimensional time
delay network comprising a few TTDs, which is inserted
between the digital and high-dimensional PS-based analog
beamforming architectures. For the TTD-based hybrid beam-
forming architecture, the received signal at subcarrier m of

4. In Fig. 15, we only show one possible architecture, where TTDs are
arranged in a parallel manner. TTDs can also be arranged in a serial manner
as shown in [65].
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user k is given by

ỹm,k = h̃T
m,kFPSTmFmBBx̃m + ñm,k, (78)

where FPS denotes the frequency-independent analog beam-
former realized by PSs and Tm denotes the frequency-
dependent analog beamformer realized by TTDs.

Similar to PS-based hybrid beamforming, TTD-based
hybrid beamforming can be classified into two architectures:

• Fully-connected Architecture: As illustrated in
Fig. 15(a), in the fully-connected architecture, each
RF chain is connected to all antenna elements through
TTDs and PSs based on the following strategy. Each
RF chain is first connected to NT TTDs, and then
each TTD is connected to a subarray of N/NT antenna
elements via N/NT PSs. Therefore, the number of PSs
in the TTD-based hybrid beamforming architecture
is the same as in the conventional PS-based hybrid
beamforming architecture, i.e., NPS = NRFN. The
number of TTDs in this architecture is given by
NTTD = NRFNT . The analog beamformers realized by
the PSs and TTDs in the fully-connected architecture
can be expressed as, respectively,

F(full)PS =
[
F(full)1 , . . . ,F(full)NRF

]
, (79)

T(full)m = blkdiag

([
e−j2π fmt

(full)
1 , . . . , e−j2π fmt

(full)
NRF

])
. (80)

Here, F(full)n ∈ C
N×NT represents the PS-based analog

beamformer connected to the n-th RF chain via TTDs
and is given by

F(full)n = blkdiag
([
f(full)n,1 , . . . , f(full)n,NT

])
, (81)

with f(full)n,� ∈ C
N
NT

×1
denoting the PS-based analog

beamformer connecting the �-th TTD and the n-th RF
chain. The constant-modulus constraint needs to be
satisfied for each element of f(full)n,� , which implies

∣∣∣
[
f(full)n,�

]

i

∣∣∣ = 1,∀n, �, i. (82)

Furthermore, t(full)n ∈ R
NT×1 denotes the time delays

realized by the TTDs connected to the n-th RF chain. In
practice, the maximum time delay that can be achieved
by TTDs is limited, yielding the following constraint:

[
t(full)n

]

�
∈ [0, tmax],∀n, �, (83)

where tmax denotes the maximum delay that can be
realized by the TTDs. For ideal TTDs, we have
tmax = +∞.

• Sub-connected Architecture: As shown in Fig. 15(b), in
the sub-connected architecture, each RF chain is con-
nected to a subarray of antenna elements via TTDs and
PSs [57]. The small number of antenna elements in each
subarray reduces the beam split effect across the sub-
array. Consequently, the number of TTDs required for
each RF chain can be significantly reduced to the point

where only one TTD may suffice. In the following, we
present the signal model for the simplest case, where
each RF chain is connected to a single TTD. In particu-
lar, the analog beamformers realized by PSs and TTDs
are, respectively, given by

F(sub)PS = blkdiag
([

f(sub)1 , . . . , f(sub)NRF

])
, (84)

T(sub)m = diag

([
e−j2π t

(sub)
1 , . . . , e−j2π t

(sub)
RF

]T)
, (85)

where f(sub)n ∈ C
N
NT

×1
and t(sub)n ∈ [0, tmax] denote the

coefficients of the PSs and TTD connected to the n-th
RF chain, respectively.

By exploiting TTD-based hybrid beamforming, for both
fully-connected and sub-connected architectures, the achiev-
able rate of user k at subcarrier m is given by

Rm,k = log2

(

1 + |h̃T
m,kFPSTmf

m,k
BB |2

∑
i �=k |h̃T

m,kFPSTmf
m,i
BB|2 + σ 2

m,k

)

. (86)

TTD-based hybrid beamforming can again be designed
based on fully-digital approximation and heuristic two-
stage optimization. These two approaches are detailed as
follows.

• Fully-digital Approximation: In this approach, the
optimal unconstrained fully-digital beamformer Fopt

m

is designed for each subcarrier m. Then, the TTD-
based hybrid beamformer is optimized to mini-
mize the distance to Fopt

m . The resulting optimization
problem is given as follows, where we take the
fully-connected architecture as an example with Pmmax
denoting the maximum transmit power available at
subcarrier m:

PTTD: TTD-based Hybrid Beamforming
Optimization

min
FBB,fn,j,tn

M∑

m=1

∥
∥Fopt

m − FPSTmFmBB
∥
∥2
F

s.t.
∣∣[fn,�
]
i

∣∣ = 1,∀n, �, i,
[tn]� ∈ [0, tmax],∀n, �,
∥∥FRFTmFmBB

∥∥2
F ≤ Pmmax,∀m. (87)

Compared to the conventional PS-based hybrid beam-
forming design problem for narrowband systems in (68),
problem (87) is more challenging due to the following
reasons. On the one hand, the three sets of optimization
variables FBB, fn,j, and tn are deeply coupled. On the
other hand, the exponential form of Tm with respect to
tn adds a further challenge to this problem. Furthermore,
this approach may lead to high complexity because it
requires the design of the large-dimensional Fopt

m over
a large number of subcarriers and optimizing the large-
dimensional FPS and Tm. The development of efficient
algorithms for solving problem (87) is still in its infancy.
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FIGURE 16. Performance of TTD-based hybrid beamforming architecture in
near-field wideband OFDM systems, where N = 256, NRF = 1, NT = 16, fc = 0.3 THz,
W = 20 GHz, and Mc = 128. The location of the user is (θ = π

4 , r = 5.5m).

• Heuristic Two-stage Optimization: In this approach, the
complexity is significantly reduced by designing the
analog beamformer heuristically in closed form. Then,
the low-dimensional digital beamformer can be opti-
mized with low complexity. In contrast to conventional
hybrid beamforming, the analog beamformers realized
by PSs and TTDs need to be jointly designed in
TTD-based hybrid beamforming, such that the beams
of all subcarriers are focused on the desired loca-
tion. For wideband FFC systems, several heuristic
designs for analog beamformers have been reported in
recent studies [62], [63] to address the issue of beam
split effect. However, these designs are not applica-
ble in near-field scenarios. As a further advance, the
authors of [64] developed a novel heuristic approach
to mitigate the near-field beam split effect based on
a far-field approximation for each antenna subarray.
However, this approach only accounts for a single
RF chain. Therefore, additional research is needed to
develop general heuristic designs for TTD-based hybrid
beamforming architectures in wideband NFC.

In Fig. 16(a), we compare the spectral efficiency of TTD-
based hybrid beamforming with fully-digital beamforming
and conventional hybrid beamforming for a wideband

OFDM system as a function of the SNR. In particular, the
conventional hybrid beamformer is configured to generate a
beam focused on the user’s location at the central frequency.
The TTD-based hybrid beamformer is designed based on
the far-field approximation proposed in [64]. As can be
observed, the fully-digital beamformer achieves the highest
spectral efficiency due to its ability to generate a dedicated
beam for each subcarrier. However, this is at the cost of
extremely high power consumption. Thanks to its capabil-
ity to realize frequency-dependent analog beamforming, the
TTD-based hybrid beamformer achieves a performance com-
parable to that of the fully-digital beamformer. In contrast,
the conventional PS-based hybrid beamforming architec-
ture has a low performance due to the significant beam
split effect. The benefits of TTD-based hybrid beamform-
ing are further illustrated in Fig. 16(b), where the spectral
efficiencies of different subcarriers are illustrated. As can
be observed, TTD-based hybrid beamforming achieves high
spectral efficiency for all subcarriers. However, for conven-
tional PS-based hybrid beamforming, only subcarriers in
the proximity of the central frequency can achieve good
performance. These results further underscore the impor-
tance of TTD-based hybrid beamforming architectures for
wideband NFC systems.

C. BEAMFOCUSING WITH CAP ANTENNAS
In this subsection, we focus our attention on near-field
beamfocusing with CAP antennas. Although CAP antennas
generally consist of a continuous radiating surface, achieving
independent and complete control of each radiating point on
the surface proves to be an insurmountable task. Therefore,
sub-wavelength sampling of the continuous surface becomes
crucial [66].
Metasurface antennas are a design approach to approxi-

mate CAP antennas and are implemented with metamateri-
als [11], [12], [66]. In the context of conventional antenna
arrays, it is customary to employ an antenna spacing that
is not less than half of the operating wavelength λ. This is
mainly attributed to the practical constraints posed by the
sub-wavelength size of conventional antennas and the asso-
ciated mutual coupling effects caused by the closely spaced
deployment. However, metamaterials with their unique elec-
tromagnetic properties can be utilized to overcome the
aforementioned limitations. By exploiting metamaterials, a
metasurface antenna with numerous metamaterial radiation
elements can be realized allowing for reduced power con-
sumption and ultra-close element spacing on the order of
1
10λ ∼ 1

5λ [66]. The transmit signals are generally fed to the
metasurface antenna by a waveguide [11], [12]. The signal
from each RF chain propagates in the waveguide to excite the
metamaterial elements. Subsequently, the excited metamate-
rial elements tune the amplitude or phase of the signal before
emitting it. Therefore, metasurface antennas can be regarded
as a kind of hybrid beamforming architecture, which we refer
to as metasurface-based hybrid beamforming architecture.
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FIGURE 17. Architecture for metasurface-based hybrid beamforming.

1) NARROWBAND SYSTEMS

We first focus on narrowband systems. As shown in Fig. 17,
the metasurface-based hybrid beamforming architecture is
generally composed of NRF feeds connected to NRF RF
chains and N reconfigurable metamaterial elements which
can tune the signal. Specifically, the signal of each RF
chain is fed into a waveguide as a reference signal. Then,
the metamaterial element is excited by the reference signal
propagating in the waveguide and radiates the object signal.
Let x̃i denote the signal generated by the digital beamformer
and emitted by the i-th feed. The reference signal propagated
to the n-th metamaterial element through the waveguide is
given by [66]

xrn =
NRF∑

i=1

x̃ie
−j 2πnr

λ
dn,i , (88)

where nr denotes the refractive index of the waveguide, and
dn,i denotes the distance between the i-th feed and the n-th
metamaterial element. Then, the object signal radiated by
the n-th metamaterial element is given by

xon = ψnx
r
n, (89)

where ψn denotes the configurable weight of the n-th meta-
material antenna element. Therefore, the overall object signal
xo = [xo1, x

o
2, . . . , x

o
N] after the analog and digital beamformer

can be modelled as follows

xo = �QFBBx, (90)

where

� = diag
(

[ψ1, . . . , ψN]T
)
, (91)

[Q]n,i = e−j
2πnr
λ

dn,i . (92)

In particular, the configurable weight ψn represents the
Lorentzian resonance response of metamaterial elements,
which depending on the implementation can be controlled
while meeting the following three sets of constraints [66].

• Continuous amplitude control: In this case, the metama-
terial element is assumed to be near resonance, which
provides the modality to tune the amplitude of each
element without significant phase shifts. Therefore, the
configurable weight ψi is constrained by

ψn ∈ [0, 1]. (93)

• Discrete amplitude control: In this case, the amplitude
of each metamaterial element can be adjusted based on
a set of discrete values. The corresponding constraint
of ψi is given by

ψn ∈
{

0,
1

C − 1
,

2

C − 1
, . . . , 1

}
, (94)

where C denotes the number of candidate amplitudes.
• Lorentzian-constrained phase-shift control: In this case,
phase shift tuning of each metamaterial element can be
achieved. However, the phase shift and the amplitude
of each element are coupled due to the Lorentzian res-
onance. Therefore, phase shifts and amplitudes need to
be jointly controlled based on the following constraint:

ψn = j+ ejϑn

2
, ϑn ∈ [0, 2π ]. (95)

It can be verified that the phase of ψn is restricted to
the range [0, π ] and the amplitude is coupled with the
phase, i.e., |ψn| = | cos(ϑn/2)|.

By exploiting metasurface-based hybrid beamforming in nar-
rowband communication, the received signal at user k is
given by

yk = hT
k�QFBBx + nk. (96)

We note that since the CAP antenna is sampled by the
discrete metamaterial elements of the metasurface, the com-
munication channel hk can be approximated by the near-field
multipath MISO channel model developed for SPD anten-
nas in (11). Then, the achievable rate at user k is obtained
as follows:

Rk = log2

(

1 + |hT
k�QfBB,k|2

∑
i �=k |hT

k�QfBB,i|2 + σ 2
k

)

. (97)

The analog beamformer � and the digital beamformer
FBB need to be designed properly to maximize system
performance. However, unlike the hybrid beamforming for
SPD antennas, an unconstrained fully-digital equivalent does
not exist for metasurface-based hybrid beamforming in prac-
tice, which makes the fully-digital approximation approach
for analog beamfocusing design almost infeasible. Therefore,
the analog beamformer � and the digital beamformer FBB
need to be optimized directly. Let f (�,FBB) denote some
suitable performance metric, such as spectral efficiency or
energy efficiency. Then, we have the following optimization
problem, where Fψ denotes the feasible set of ψn given
by (93), (94), or (95):

PMeta: Metasurface-based Hybrid Beamforming
Optimization

max
�,FBB

f (�,FBB)

s.t. � = diag
(

[ψ1, . . . , ψN]T
)
,

ψn ∈ Fψ,∀n,
∥∥�QFBB

∥∥2
F ≤ Pmax. (98)
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The main challenges in solving the above problem stem
from the high dimensionality of � and the intractable
constraints imposed on �, especially for the Lorentzian-
constrained phase shift. How to develop efficient algorithms
to solve (98) is still an open problem, which requires
additional research efforts.

2) WIDEBAND SYSTEMS

For wideband NFC systems, the challenges arising from
the frequency-dependent array response vector also exist
for metasurface-based hybrid beamforming. However, the
frequency-dependence of the waveguide has the potential to
mitigate the near-field beam split effect. To elaborate, in
wideband systems, the received signal at subcarrier m of
user k is given by

ỹm,k = h̃T
m,k�QmFmBBx̃m + ñm,k, (99)

where Qm is defined as

[Qm]n,i = e−j
2π fmnr

c dn,i . (100)

Based on this frequency-dependent waveguide propagation
matrix, an interference-pattern-based design was proposed
in [67] to mitigate the far-field beam split effect by exploit-
ing the metasurface-based hybrid beamforming architecture.
How to use the frequency-dependence of the waveguide to
mitigate the near-field beam split is an interesting direction
for future research.

D. MIMO EXTENSIONS
As discussed in Section II, near-field MIMO channels can
provide more DoFs than far-field MIMO channels, espe-
cially in the LoS-dominant case. Therefore, MIMO systems
can yield substantial performance gains compared to MISO
systems in NFC. In particular, in the far-field, the LoS MIMO
channel matrix is always rank-one, c.f., (19), and thus can
support only a single data stream and cannot fully exploit
the benefits of MIMO. By contrast, in NFC, the high-rank
LoS MIMO channel matrix is capable of supporting multiple
data streams, thus providing more multiplexing gain and
enhancing communication performance. Let us consider a
near-field narrowband single-user MIMO system with two
parallel ULAs with NT and NR antenna elements at the
transmitter and receiver, respectively. Employing the hybrid
beamforming architecture at the BS, the received signal at
the user is given by

y = HLoS
ULAFRFFBBx + n, (101)

where HLoS
ULA ∈ C

NR×NT denotes the near-field LoS channel
matrix for parallel ULAs given in (30) and x ∈ C

Ns×1 col-
lects the information symbols of the Ns data streams. The
maximum number of data streams that can be supported is
determined by the DoFs of channel matrix HLoS

ULA. However,
the primary obstacle in such a system is that the rank of
HLoS

ULA is not a constant but rather is contingent upon the dis-
tance r between the BS and the user. Specifically, as unveiled

FIGURE 18. Architecture of hybrid beamforming with dynamic RF chains.

by (31), when NT and NR are sufficiently large, the DoFs of
HLoS

ULA are given by (NT−1)dT (NR−1)dR
λr , which decrease grad-

ually as distance r increases, reducing the number of data
streams that can be supported. Additionally, as pointed out
in [48], for the fully-connected hybrid beamforming archi-
tecture, 2Ns RF chains are sufficient to achieve the same
performance as a fully-digital beamformer, which implies
that deploying more than 2Ns RF chains will only result in
more power consumption without enhancing communication
performance. Therefore, in near-field MIMO systems, the
number of RF chains needs to be dynamically changed based
on distance r to achieve the best possible performance [68].
This can be achieved by the hybrid beamforming architecture
shown in Fig. 18, where a switching network is introduced
to control the number of active RF chains. Let Nmax

RF denote
the maximum number of available RF chains. Then, the
received signal at the user can be rewritten as follows:

y = HLoS
ULAF̃RFF̃SF̃BBx̃ + n, (102)

where x̃ ∈ C
Nmax
RF ×1, F̃RF ∈ C

NT×Nmax
RF , F̃BB ∈ C

Nmax
RF ×Nmax

RF

denote the full-dimensional candidate data steams, analog
beamformer, and digital beamformer, respectively. F̃S ∈
R
Nmax
RF ×Nmax

RF represents the ON/OFF status of the switching
network, and is given by

F̃S = diag
([
α1, α2, . . . , αNmax

RF

]T)
. (103)

In particular, αn = 1 means that the n-th RF chain is active
while αn = 0 indicates that the n-th RF chain is switched
off. The achievable rate of the user is given by

R = log2 det
(
I + 1

σ 2
HLoS

ULAQ
(
HLoS

ULA

)H)
, (104)

where Q = F̃RFF̃SF̃BBF̃H
BBF̃

H
S F̃

H
RF denotes the covariance

matrix of the transmit signal. Since the purpose of the
switching network is to avoid the waste of energy, the power
consumption of the RF chains and the PSs needs to be con-
sidered. In particular, the total number of active RF chains

and PSs is
∑Nmax

RF
n=1 αn and

∑Nmax
RF

n=1 αnNT , respectively. The
corresponding power consumption is given by

P =
Nmax
RF∑

n=1

αn(PRF + NTPPS), (105)
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TABLE 4. Summary of hybrid beamforming architectures for NFC.

where PRF and PPS denote the power consumed by one RF
chain and one PS, respectively. Then, the optimal F̃RF, F̃S,
and F̃BB can be obtained by solving the following multi-
objective optimization problem:

PMIMO: Dynamic RF Chain based Hybrid
Beamforming Optimization

max
F̃RF,F̃S,F̃BB

R− μP

s.t.
∣∣
[
F̃RF

]

m,n

∣∣ = 1,∀m, n,

F̃S = diag

([
α1, α2, . . . , αNmax

RF

]T
)
,

αn ∈ {0, 1},∀n,
∥∥F̃RFF̃SF̃BB

∥∥2
F ≤ Pmax, (106)

where μ ≥ 0 is a weight factor that can be adjusted to
emphasize the importance of high and low power con-
sumption. Furthermore, the dynamic RF chain concept
can also be applied in the context of TTD-based and
metasurface-based hybrid architectures. The corresponding
optimization problems can be formulated in a similar manner
as (106). Note that problem (106) is a mixed-integer non-
linear programming (MINLP) problem, which is NP-hard.
The branch-and-bound (BnB) algorithm [69] can be used to
obtain the globally optimal solution of MINLP problems,
but has exponential complexity. Furthermore, some low-
complexity algorithms, such alternating direction method
of multipliers (ADMM) [70] and machine-learning-based
methods [71], can be employed to obtain a high-quality
sub-optimal solution.
Based on the discussion in previous subsections, the

hybrid beamforming architectures for NFC are summarized
in Table 4.

E. NEAR-FIELD BEAM TRAINING
In the previous subsections, we have discussed several hybrid
beamforming architectures for realizing near-field beam-
focusing. However, to optimize the hybrid beamformer,
channel state information (CSI) is required. Conventionally,
CSI is obtained via channel estimation. However, in
the case of NFC employing ELAAs, the complexity of
conventional channel estimation techniques significantly
increases. To address this challenge, beam training is
proposed as a fast and efficient method for reducing the

FIGURE 19. Communication protocol including beam training [72], [73], [74].

FIGURE 20. Far-field beam training process.

complexity of CSI acquisition and obtaining high-quality
analog beamformers [44]. Rather than estimating the com-
plete CSI of the high-dimensional near-field channel, beam
training establishes a training procedure between the BS
and the users to estimate the physical locations of the chan-
nel paths, where an optimal codeword yielding the largest
received power at the user is selected from a pre-designed
beam codebook. Then, the optimal codeword is exploited as
analog beamformer for transmission. Once the analog beam-
former is selected, conventional channel estimation methods
can be employed to estimate the low-dimension equiva-
lent channel comprising the original channel and the analog
beamformer. The communication protocol including beam
training is shown in Fig. 19 [72], [73], [74].
Compared to the far field, near-field beam training imposes

new challenges. To elaborate, let us first provide a brief
summary of far-field beam training based on hierarchical
codebooks [75]. Generally, for conventional far-field beam
training, the hierarchical codebook contains codewords that
correspond to directional beams with varying beamwidths,
ranging from wide to narrow. As shown in Fig. 20, these
codewords are then searched in a tree architecture to deter-
mine the optimal one. In this approach, wider beams are
designated as “nodes” in the tree architecture, while narrower
beams that are encompassed by the wider beams are regarded
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FIGURE 21. Near-field beam training process.

as “leaves” of the wider beam. The beam training starts
with the BS transmitting a pilot signal to the user using the
wider beams and selecting the optimal one with the highest
received power at the user. The BS then transmits a pilot sig-
nal using the narrow beams that are “leaves” of the selected
wider beam and repeats this process until the last level of
the tree architecture is reached. The design of beam training
involves two parts, namely codebook design and training
protocol design, which have been widely investigated for
FFC [75], [76], [77], [78], [79], [80], [81], [82].
However, far-field beam training methods are not directly

applicable for near-field channels due to the absence of dis-
tance information in far-field codebooks. Consequently, it is
necessary to revise the beam training for NFC. The near-field
beam training process based on a hierarchical codebook is
illustrated in Fig. 21. Notably, compared to far-field beam
training, near-field beam training requires a significantly
larger codebook as near-field channels have to the modelled
in the polar domain rather than the angular domain. This
results in increased complexity of the near-field beam train-
ing process. Therefore, employing a low-complexity training
protocol is critical for near-field beam training. Furthermore,
the design of the codebook for near-field beam training is
more intricate than that for far-field beam training due to
the non-linear phase or even non-uniform amplitude of near-
field channels. In the following, we discuss beam training
for narrowband and wideband systems, respectively.

• Narrowband systems: Some recent efforts have been
devoted to the design of narrowband near-field beam
training [83], [84], [85], [86]. Specifically, a new near-
field codebook design was proposed in [83], where
the codewords are sampled uniformly in the angular
domain and non-uniformly in the distance domain. To
reduce the complexity of near-field beam training, the
authors of [84] proposed a two-phase training protocol.
In this protocol, the candidate angle is first obtained
via conventional far-field beam training in the first
phase, which is followed by the estimation of the
effective distance in the second phase. As a further
advance, the authors of [85] conceived a deep learn-
ing based near-field beam training method, where a
pair of neural networks were designed to determine
the optimal near-field beam based on the received sig-
nals of the far-field wide beam. Finally, the authors
of [86] developed a two-stage hierarchical beam training

method. In the first stage, a coarse direction is obtained
through conventional far-field beam training. In this sec-
ond stage, based on the obtained coarse direction, joint
angle-and-distance estimation is carried out over a fine
grid in the polar domain.

• Wideband systems: For wideband beam training, the
near-field beam split effect has to be considered. Unlike
in the data transmission stage, where the beam split
effect leads to a performance loss, it has the poten-
tial to speed up beam training as a single beam can
cover several directions or locations at different OFDM
subcarriers. When the TTD-based hybrid beamforming
architecture is employed, flexible control of near-field
beam split can be achieved by properly designing the
time delays. Therefore, the size of the codebook and the
complexity of the training process can be significantly
reduced. To take advantage of this, a fast wideband
near-field beam training method was proposed in [56].
This method is based on an antenna architecture that
only utilizes TTDs to realize the analog beamform-
ing. However, how to design the wideband near-field
beam training for the hybrid beamforming architecture
employing both TTDs and PSs is still an open research
problem.

Finally, all the aforementioned beam training methods
are based on SPD antennas. For SPD antennas, the analog
beamformer is generally subject to a unit-norm constraint.
Therefore, the codebooks can be designed based on near-
field array response vectors. On the other hand, for CAP
antennas realized by metasurfaces, the complex constraints
on the analog beamformers, c.f., (93)-(95), makes the design
of near-field beam training challenging, and more research
is needed.

F. DISCUSSION AND OPEN RESEARCH PROBLEMS
We have introduced several fundamental antenna architec-
tures for near-field beamfocusing and the basic principles
of near-field beam training. However, to fully realize the
advantages of near-field beamfocusing and beam training in
practice, it is essential to overcome several key challenges. In
the following, we discuss some of the primary open research
problems that require attention:

• Near-field channel estimation: Accurate channel estima-
tion plays a key role in guaranteeing the performance of
near-field beamfocusing. In conventional far-field com-
munication, channel estimation techniques often rely
on the sparsity of the channels in the angular domain.
However, for near-field channels, the sparsity in the
angular domain no longer holds. Therefore, it is impor-
tant to unveil the sparsity of near-field channels in an
appropriate domain for channel estimation. This task
can be challenging, especially considering the additional
distance dimension of near-field channels.

• Near-field beamfocusing with finite-resolution
DAC/ADC: An alternative approach to reducing
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the complexity of hybrid beamforming is to adopt
finite-resolution digital-to-analog converters (DACs)
and analog-to-digital converters (ADCs) [44]. In this
case, the power consumption of the RF chains can
be reduced substantially. However, finite-resolution
DAC/ADC may result in different design challenges,
such as limited signal constellations. How to achieve
near-field beamfocusing in this case is an open problem.

• Multi-functional near-field beamfocusing: Next-
generation wireless networks are envisioned to
transcend the communication-only paradigm, incor-
porating a range of additional functionalities such as
computing, sensing, secure transmission, and wireless
power transfer. However, integrating such diverse
functions poses a challenge as different near-field
beamfocusing designs may be required to optimize
performance for each functionality. Addressing this
challenge is essential for unlocking the full potential of
NFC in next-generation wireless networks and enabling
the seamless integration of diverse functionalities.

• Hybrid-field beamforming and beam training: In
practical scenarios, it is highly probable that users are
situated in different field regions of the BS, resulting
in a combination of near-field and far-field channels.
However, the design of hybrid-field beamforming and
beam training techniques accounting for the different
channel characteristics of the near-field and far-field
regions remains an open research challenge.

• Dynamic switching between near-field and far-field
communications: Whether a user is located in the
near-field or far-field is determined by the aperture of
the employed antenna arrays and the frequency band.
This classification is generally fixed in the current
system designs, which poses a challenge for dynamic
utilization of the benefits offered by near-field and
far-field communications, namely high communication
rate and low complexity, respectively. To overcome this
challenge, it is imperative to develop new strategies
that allow dynamic switching between these regions,
thus enabling the exploitation of the full potential of
near-field and far-field communications.

IV. NEAR-FIELD PERFORMANCE ANALYSIS
In this section, we provide a comprehensive performance
analysis of NFC based on the near-field channel models dis-
cussed in Section II. We commence with the performance
analysis for basic free-space LoS propagation and then shift
our attention to statistical multipath channel models. For LoS
channels, the received SNR and the corresponding power
scaling law are analyzed for both SPD and CAP antennas.
The derived results contribute to a deeper understanding
of the performance limits of NFC. For multipath chan-
nels, we provide a general analytical framework for three
typical performance metrics, namely the outage probability
(OP), ergodic channel capacity (ECC), and ergodic mutual
information (EMI).

FIGURE 22. System layout for NFC under LoS channels.

A. PERFORMANCE ANALYSIS FOR LOS NEAR-FIELD
CHANNELS
1) SYSTEM MODEL

As illustrated in Fig. 22, we consider a typical near-field
MISO channel, where the BS is equipped with an UPA5

containing N � 1 antenna elements and the user is a single-
antenna device. The UPA is placed on the x-z plane and
centered at the origin. Here, N = NxNz, where Nx and Nz
denote the number of antenna elements along the x- and
z-axes, respectively. For the sake of brevity, we assume that
Nx and Nz are both odd numbers with Nx = 2Ñx + 1 and
Nz = 2Ñz + 1. The physical dimensions of each BS antenna
element along the x- and z-axes are given by

√
A, and the

inter-element distance is d, where d ≥ √
A. It is worth

noting that when d = √
A, the SPD UPA turns into a

CAP surface. The central location of the (m, n)-th BS
antenna element is denoted by sm,n = [nd, 0,md]T, where
n ∈ Nx � {−Ñx, . . . , Ñx} and m ∈ Nz � {−Ñz, . . . , Ñz}. As
a result, the physical dimensions of the UPA along the x-
and z-axes are Lx ≈ Nxd and Lz ≈ Nzd, respectively. Let
ea ∈ (0, 1] denote the aperture efficiency of each antenna ele-
ment. An antenna’s aperture efficiency is defined as the ratio
between the antenna’s effective aperture and the antenna’s
physical aperture. By definition, the effective antenna aper-
ture of each antenna element is given by Ae = Aea. The
aperture efficiency is a dimensionless parameter between 0
and 1 that measures how close the antenna comes to using all
the radio wave power intersecting its physical aperture [26].
If the aperture efficiency were 100%, then all the wave’s
power falling on the antenna’s physical aperture would be
converted to electrical power delivered to the load attached
to its output terminals. For the hypothetical isotropic antenna
element, we have A = Ae = λ2

4π [26].
As for the user, let r denote its distance from the center

of the antenna array, and θ ∈ [0, π ] and φ ∈ [0, π ] denote
the azimuth and elevation angles, respectively, cf. Fig. 22.

5. Since UPA includes ULA as a special case, the results derived in this
subsection can be straightforwardly extended to the case when the BS is
equipped with an ULA.
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Consequently, the user location can be expressed as r =
[r�, r�, r�]T, where � � sinφ cos θ , � � sinφ sin θ , and
� � cosφ. Moreover, we assume that the user is equipped
with a hypothetical isotropic antenna element to receive the
incoming signals and the receiving-mode polarization vector
is fixed to be ρ ∈ C

3×1.
We next evaluate the performance of the considered MISO

near-field channel by analyzing the received SNR at the
user. Specifically, the SNR achieved by SPD antennas will
be examined under the USW, NUSW, and the general near-
field channel models. Subsequently, the SNR achieved by
CAP antennas will be investigated.

2) SNR ANALYSIS FOR SPD ANTENNAS

When the BS is equipped with SPD antennas, the received
signal at the user can be expressed as follows:

y = √
phTws+ n, (107)

where s ∈ C is the transmitted data symbol with zero mean
and unit variance, h ∈ C

N×1 is the channel vector between
the user and the BS, p is the transmit power, w is the
beamforming vector with ‖w‖2 = 1, and n ∈ CN (0, σ 2) is
AWGN. We assume that the BS has perfect knowledge of
h and exploits maximum ratio transmission (MRT) beam-
forming to maximize the received SNR of the user, i.e., w is
given by

w = h∗

‖h‖ . (108)

Therefore, the received SNR is given as follows:

γ = p

σ 2
‖h‖2. (109)

For LoS channels, the channel gain ‖h‖2 can be expressed
as follows [26], [40]:

‖h‖2 =
∑

n∈Nx

∑

m∈Nz

∣
∣∣him,n(r)

∣
∣∣
2
, (110)

where him,n(r) denotes the effective channel coefficient
from the (m, n)-th BS antenna element to the user for
i ∈ {U,N,G}. Section II provides analytical expressions to
determine |him,n(r)|2 for several near-field LoS channel mod-
els including the USW model (i = U, Eq. (35)), the NUSW
model (i = N, Eq. (36)), and the introduced general model
(i = G, Eq. (40)). For each LoS model, we derive a closed-
form expression for the received SNR, based on which the
power scaling law in terms of the number of antennas, N,
can be unveiled.

• USW Channel Model: For the USW model (i = U),
‖hUm,n(r)‖2 can be derived from (35), and the received SNR
is provided in the following theorem.
Theorem 1: The received SNR for the USW model is

γUSW = p

σ 2
β2

0N, (111)

where β0 =
√
Aea

1
4πr2G1(0, r)G2(0, r).

Proof: Please refer to Appendix D.
Remark 4: Considering the terms appearing in β0,

G1(0, r) and G2(0, r) model the effective aperture loss and
the polarization loss, respectively, whose expressions are
given by (37) and (38), respectively. Moreover, Aea

4πr2 models
the free-space path loss. As mentioned in Section II, the
near-field channel gain is mainly determined by the free-
space path loss, and thus the terms G1(·, ·) and G2(·, ·) are
not included in (35) for the sake of brevity. As outlined in
Appendix D, under the USW channel model, the powers
radiated by different transmit antenna elements are affected
by identical polarization mismatches, projected antenna aper-
tures, and free-space path losses. In order to provide a general
expression for the received SNR, we have kept the terms
related to the effective aperture loss and the polarization
loss in Theorem 1.
Next, by letting Nx,Nz → ∞, i.e., N = NxNz → ∞, the

asymptotic SNR for the USW channel model is given in the
following corollary.
Corollary 1: As Nx,Nz → ∞ (N → ∞), the asymptotic

SNR for the USW channel model satisfies

lim
N→∞ γUSW � O(N). (112)

Remark 5: The result in (112) suggests that for the USW
model, the received SNR increases linearly with the total
number of transmit antenna elements. In other words, by
increasing the number of antenna elements, it is possible to
increase the link gain to any desired level, which may even
exceed the transmit power. This thereby breaks the law of
conservation of energy. The reason for this behaviour is that
when N tends to infinity, the uniform amplitude assumption
inherent to the USW model cannot capture the exact physical
properties of near-field propagation.

• NUSW Channel Model: For the NUSW model (i = N),
‖hNm,n(r)‖2 can be derived from (36), and the received SNR
is provided in the following theorem.
Theorem 2: The received SNR for the NUSW model is

given by

γNUSW = p

σ 2
β2

0

∑

n∈Nx

∑

m∈Nz

1

4π‖sm,n − r‖2
, (113)

where β0 = √
AeaG1(0, r)G2(0, r).

Proof: Please refer to Appendix E.
Remark 6: Similar to (111), G1(0, r) and G2(0, r)

in (113) model the effective aperture loss and the polar-
ization loss, respectively. For the sake of brevity, these two
terms are not included in (36). As explained in Appendix E,
under the NUSW channel model, the powers radiated by
different transmit antenna elements are affected by the same
polarization mismatches and have the same projected antenna
apertures. In order to provide a general expression for the
received SNR, we have kept the terms related to the effective
aperture loss and the polarization loss in Theorem 2.

By letting Nx,Nz → ∞, the asymptotic SNR for the
NUSW model is obtained as follows.

2024 VOLUME 4, 2023



Corollary 2: As Nx,Nz → ∞ (N → ∞), the asymptotic
SNR for the NUSW model satisfies

lim
N→∞ γNUSW � O(logN). (114)

Proof: Please refer to Appendix F.
Remark 7: The result in (114) suggests that by taking

into account the non-uniform amplitude, the received SNR
for the NUSW model no longer scales linearly with N, as
was the case for the USW model. Instead, it scales only
logarithmically with N. However, such a logarithmic scaling
law still breaks the law of conservation of energy when
N → ∞. The reason for this is that when N tends to infinity,
the variations of the projected apertures and polarization
losses across the array elements cannot be neglected, which
is not considered in the NUSW model.

• The General Channel Model: Under the general model
(i = G), ‖hGm,n(r)‖2 can be derived from (40), and the
received SNR is given in the following theorem.
Theorem 3: The received SNR for the general model is

given by

γGeneral = p

σ 2
Aea
∑

n∈Nx

∑

m∈Nz

G1
(
sm,n, r

)
G2
(
sm,n, r

)

4π‖sm,n − r‖2
. (115)

Proof: Please refer to Appendix G.
Although (115) can be utilized to calculate the SNR, deriv-

ing the power scaling law based on this expression is a
challenging task. Thus, for mathematical tractability and to
gain insights for system design, we consider a simplified
case when the receiving-mode polarization vector at the user
and the electric current induced in the UPA are both in x
direction, i.e., ρ = Ĵ(sm,n) = [1, 0, 0]T, ∀m, n. In this case,
the SNR can be approximated as shown in the following
corollary.
Corollary 3: When ρ = Ĵ(sm,n) = [1, 0, 0]T, ∀m, n, the

received SNR for the general model satisfies

γGeneral ≈ pAea
4πd2σ 2

∑

x∈X1

∑

z∈Z1

×
(

�xz

3
(
�2 + x2

)√
�2 + x2 + z2

+ 2

3
arctan

(
xz

�
√
�2 + x2 + z2

))
, (116)

where X1 = {Nx2 ε−�, Nx2 ε+�}, Z1 = {Nz2 ε−�, Nz2 ε+�},
and ε = d

r .
Proof: Please refer to Appendix H.
We further investigate the asymptotic SNR when Nx,Nz →

∞, which is given in the following corollary.
Corollary 4: Let ρ = Ĵ(sm,n) = [1, 0, 0]T, ∀m, n. As

Nx,Nz → ∞ (N → ∞), the asymptotic SNR for the general
channel model satisfies

lim
N→∞ γGeneral = pAea

4πd2σ 2

(
2

3
· π

2
· 4

)
= pAea

3σ 2d2
. (117)

FIGURE 23. Comparison of SNRs for different channel models versus the number of
antennas N for a UPA with SPD antennas. The system is operating at a frequency of 28
GHz. p

σ2 = 0 dB, Nx = Nz = √
N , (θ, φ)=( π

6 , π
6 ), d = λ

2 , r = 5 m, A = λ2

4π
, ea = 1,

ρ = Ĵ(smx ,mz )= [1, 0, 0]T, ∀mx ,mz .

Proof: This corollary can be directly obtained by using
the following results

lim
Nx,Nz→∞

�xz
(
�2 + x2

)√
�2 + x2 + z2

= 0, (118)

lim
Nx,Nz→∞ arctan

(
xz

�
√
�2 + x2 + z2

)
= π

2
, (119)

for x ∈ X1 and z ∈ Z1.
Recalling the fact that d ≥ √

A and ea ∈ (0, 1] yields

pAea
3σ 2d2

≤ pea
3σ 2

≤ p

3σ 2
<

p

σ 2
, (120)

and thus limM→∞ γGeneral <
p
σ 2 .

Remark 8: The results in (117) suggest that for the general
channel model, the asymptotic SNR approaches a constant
value pAea

3σ 2d2 as the UPA grows in size rather than increasing
unboundedly as for the USW and NUSW channel models.
Eq. (120) further shows that even with an infinitely large
array, only at most 1

3 of the total transmitted power can
be received by the user, validating that γGeneral satisfies the
law of conservation of energy when N → ∞. An intuitive
explanation for why the received power is only one-third
of the transmitted power, even though the UPA is infinitely
large, is that each newly added BS antenna is deployed
further away from the user, which reduces the effective area
and increases the polarization loss [40].
Remark 9: The array occupation ratio is defined as ζ �

A
d2 ∈ (0, 1] and measures the fraction of the total UPA area
that is occupied by array elements [26]. The result in (117)
suggests that the asymptotic SNR increases linearly with ζ ,
because more effective antenna area is available to radiate
the signal power for a larger ζ . As stated before, an SPD
UPA becomes a CAP surface when ζ = 1. In this case,
the asymptotic SNR is given by pea

3σ 2 , which will be further
validated in Section III.

• Numerical Results: To further verify our results, we
show the SNRs obtained for the different channel mod-
els versus N in Fig. 23. Particularly, γUSW, γNUSW,
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γGeneral (exact), and γGeneral (approximation) are obtained
with (111), (113), (115), and (116), respectively. The asymp-
totic SNR limit given in (117) is also included. As can be
observed, for small and moderate N, the SNRs obtained
for all models increase linearly with N. This is because,
in this case, the user is located in the far field, where all
considered models are accurate. However, for a sufficiently
large N, the projected antenna apertures and polarization
losses vary across the transmit antenna array. In this case,
γUSW and γNUSW violate the law of conservation of energy
and approach infinity. By contrast, Fig. 23 confirms that
when N → ∞, the received SNR obtained for the gen-
eral model, i.e., γGeneral, approaches a constant, i.e., the
SNR limit, and obeys the law of conservation of energy.
Furthermore, Fig. 23 shows that N = 106 antennas are
needed before the difference between γGeneral and γUSW (or
γNUSW) becomes noticeable. In this case, the array size is
5.35 m×5.35 m which is a realistic size for future conformal
arrays, e.g., deployed on facades of buildings. In conclusion,
although the USW and NUSW models are applicable in some
NFC application scenarios, they are not suitable for studying
the asymptotic performance in the limit of large N.

3) SNR ANALYSIS FOR CAP ANTENNAS

The above results obtained for SPD antennas can be directly
extended to the case of CAP antennas. In the sequel, we
assume that the UPA illustrated in Fig. 22 is a CAP surface
of size Lx×Lz, which is placed on the x-z plane and centered
at the origin. The signal received by the user is given by

y = √
phCAP(0, r)s+ n, (121)

where hCAP(0, r) ∈ C is the effective channel between the
transmit CAP surface and the user. Therefore, the received
SNR is given by

γ = p

σ 2
|hCAP(0, r)|2, (122)

where |hCAP(0, r)|2 is the effective power gain. On the basis
of (122), the received SNR for the USW, NUSW, and general
channel models for CAP antennas can be derived, based on
which the power scaling law in terms of the surface size,
SCAP � LxLz, can be unveiled.

• USW Channel Model: We commence with the USW
model for CAP antennas, for which the received SNR can
be calculated as follows.
Theorem 4: The received SNR for the USW model for

CAP antennas is given by

γ CAP
USW = p

σ 2
SCAPβ

2
0 , (123)

where β0 =
√
ea

1
4πr2G1(0, r)G2(0, r).

Proof: Please refer to Appendix I.
By setting Lx,Lz → ∞, i.e., SCAP = LxLz → ∞, the

asymptotic SNR for the USW model for CAP antennas is
obtained and provided in the following corollary.

Corollary 5: As Lx,Lz → ∞ (SCAP → ∞), the asymp-
totic SNR for the USW model for CAP antennas satisfies

lim
SCAP→∞ γ

CAP
USW � O(SCAP). (124)

Remark 10: The result in (124) reveals that, for the USW
model, the received SNR for CAP antennas scales linearly
with the transmit surface area, which leads to the violation
of the law of conservation of energy when SCAP → ∞. The
reason for this lies in the fact that when SCAP approaches
infinity, the uniform amplitude assumed in the USW model
cannot capture the exact physical properties of near-field
propagation.

• NUSW Channel Model: For the NUSW model for CAP
antennas, we have the following result.
Theorem 5: The received SNR for the NUSW model for

CAP antennas is given by

γ CAP
NUSW =

∫ Lz
2

− Lz
2

∫ Lx
2

− Lx
2

p
σ 2 β

2
0

1
4πr2 dxdz

�2 + ( xr −�
)2 + ( zr −�

)2 , (125)

where β0 = √
eaG1(0, r)G2(0, r).

Proof: The proof resembles the proofs of Theorem 2 and
Theorem 4.

By setting Lx,Lz → ∞, the asymptotic SNR for the
NUSW model for CAP antennas is obtained and given in
the following corollary.
Corollary 6: As Lx,Lz → ∞ (SCAP → ∞), for CAP

antennas, the asymptotic SNR for the NUSW model satisfies

lim
SCAP→∞ γ

CAP
NUSW � O(log(SCAP)). (126)

Proof: The proof resembles the proof of Corollary 2.
Remark 11: The result in (126) reveals that by taking into

account non-uniform amplitudes, the received SNR for the
NUSW model increases logarithmically with SCAP, which
differs from the linear scaling law obtained for the USW
model. However, since the impact of varying projected aper-
tures and polarization losses is not considered across the
CAP, γ CAP

NUSW can exceed p
σ 2 when SCAP → ∞, thereby

violating the law of energy conservation.
• The General Channel Model: The SNR expression for

the general channel model for CAP antennas is provided in
the following theorem.
Theorem 6: For CAP antennas, the received SNR for the

general channel model is given by

γ CAP
General = p

σ 2
ea

∫ Lz
2

− Lz
2

∫ Lx
2

− Lx
2

1

4π‖r − [x, 0, z]‖2

× G1

(
[x, 0, z]T, r

)
G2

(
[x, 0, z]T, r

)
dxdz. (127)

Proof: The proof resembles the proofs of Theorem 3 and
Theorem 4.

Deriving the power scaling law based on (127) is a chal-
lenging task. Therefore, for convenience, in the following
corollary, we consider the special case of ρ = Ĵ([x, 0, z]T) =
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TABLE 5. Comparison of SNRs obtained for different near-field LoS channel models.

[1, 0, 0]T, ∀x, z, based on which some interesting conclusions
can be drawn.
Corollary 7: When ρ = Ĵ([x, 0, z]T) = [1, 0, 0]T, ∀x, z,

the received SNR for the general channel model for CAP
antennas satisfies

γ CAP
General = pea

4πσ 2

∑

x∈X2

∑

z∈Z2

×
(

�xz

3
(
�2 + x2

)√
�2 + x2 + z2

+ 2

3
arctan

(
xz

�
√
�2 + x2 + z2

))
, (128)

where X2 = {Lx2r −�, Lx2r +�} and Z2 = {Lz2r −�,
Lz
2r +�}.

As Lx,Lz → ∞ (SCAP → ∞), the asymptotic SNR satisfies

lim
SCAP→∞ γ

CAP
General = pea

4πσ 2

(
2

3
· π

2
· 4

)
= pea

3σ 2
. (129)

Proof: The proof resembles the proofs of Corollary 3 and
Corollary 4.

Recalling that ea ∈ (0, 1], we obtain
pea
3σ 2

<
p

3σ 2
<

p

σ 2
, (130)

and thus limSCAP→∞ γ CAP
General <

p
σ 2 .

Remark 12: The results in (129) and (130) suggest that
γ CAP
General satisfies the law of conservation of energy when
SCAP → ∞. Note that (129) can be also obtained from (117)
by setting the inter-element distance d to d = √

A, i.e., ζ =
A
d2 = 1. This is expected since a CAP surface is equivalent
to an SPD UPA, which is fully covered by array elements.

• Numerical Results: To further verify our results, we
show the SNRs obtained for the considered channel mod-
els versus SCAP in Fig. 24. Particularly, γ CAP

USW, γ CAP
NUSW, and

γ CAP
General are calculated based on (123), (125), and (128),

respectively. The asymptotic SNR limit given in (129) is also
included as a baseline. As can be observed from Fig. 24, for
small and moderate SCAP, the SNRs obtained for all con-
sidered channel models increase linearly with SCAP. This
is because the user is located in the far field, where all
considered models are accurate. However, since the impact
of the varying projected apertures and polarization losses is
ignored, the asymptotic values of γ CAP

USW and γ CAP
NUSW exceed

the transmit SNR p
σ 2 , therefore breaking the law of con-

servation of energy. Our observations from Figs. 23 and
Fig. 24 highlight the importance of correctly modelling the

FIGURE 24. Comparison of SNRs for different channel models versus the transmit
surface area SCAP for CAP antennas. p

σ2 = 0 dB, Lx = Lz = √
SCAP, (θ ,φ) =( π

2 , π
2 ), r = 10

m, ea = 1, ρ = Ĵ([x ,0,z]T)= [1,0,0]T, ∀x ,z.

variations of the free-space path losses, projected apertures,
and polarization losses across the antenna array elements
and CAP surface, respectively, when studying the asymptotic
limits of the SNR.

4) SUMMARY OF THE ANALYTICAL RESULTS

In Table 5, we summarize our analytical results for the
SNR and scaling law. In the third column of the table,
the notation O(1) is used to indicate that the asymptotic
SNR is a constant. Although this subsection has focused on
MISO transmission, the developed results can be extended to
MIMO and multiuser systems. Following a similar approach
as for obtaining the results in Table 5, the SINR and power
scaling law for MIMO and multiuser transmission can be
derived.

B. PERFORMANCE ANALYSIS FOR STATISTICAL
MULTIPATH NEAR-FIELD CHANNELS
Having analyzed the performance for the LoS near-field
channel, we now shift our attention to statistical multipath
near-field channels, as depicted in Fig. 25.

1) CHANNEL STATISTICS

If both LoS and NLOS components are present, the multipath
channel coefficients can be modelled as in (11):

h = βa(r)+
L∑

�=1

β̃�a(r̃�), (131)
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FIGURE 25. System model for NFC for multipath channels.

where h � βa(r) is the LoS component and h̃� � β̃�a(r̃�)
is the NLoS component generated by the �-th scatterer. By
referring to Fig. 25, we rewrite the NLoS component h̃�
as follows:

h̃� = α�h�(r�)h�(r�, r), (132)

where h�(r�) ∈ C
N×1 is the channel vector between the �-th

scatterer and the BS, h�(r�, r) ∈ C is the channel coeffi-
cient between the user and the �-th scatterer, and α� models
the complex random reflection coefficient of the �-th scat-
terer. The complex gains {α�}L�=1 are generally modelled as
independently complex Gaussian distributed variables with
α� ∼ CN (0, σ 2

� ), where σ
2
� represents the intensity attenu-

ation caused by the �-th scatterer [87], [88]. On this basis,
the multipath channel can be modelled as follows

h ∼ CN
(
h,R
)
, (133)

where h = E{h} denotes the channel mean and

R = E

{(
h − h

)(
h − h

)H
}

=
L∑

�=1

σ 2
� |h�(r�, r)|2h�(r�)hH

� (r�) (134)

is the correlation matrix. Eqn. (133) corresponds to the
Rician fading model. As shown in Fig. 25, the scatter-
ers are located in the near field of the BS [89]. As a
result, the LoS channels h, {h�(r�, r)}L�=1, and {h�(r�)}L�=1
can be described by the near-field LoS models presented
in Section II. Different LoS channel models yield differ-
ent correlation matrices R, but the statistics of the resulting
multipath MISO channel always follow (133).
NFC generally occurs in mmWave and sub-THz bands;

therefore, the resulting channels are sparsely-scattered (N �
L) and dominated by LoS propagation, i.e., ‖h‖2 �∑L
�=1 σ

2
� |h�(r�, r)|2‖h�(r�)‖2. Consequently, matrix R is

generally rank-deficient. In practical wireless propagation
environments, the LoS path might be blocked by obstacles.
In this case, the mean of h equals zero, and (133) degrades
to a Rayleigh fading channel model with R = E{hhH}.

Although the NFC channel is generally dominated by its
LoS component, considering the scenario with the LoS path
blocked is also of interest and has theoretical significance as
a limiting case. Hence, besides the Rician distribution, the
Rayleigh distribution has also become one of the commonly
accepted models for NFC channel modeling; see [89], [90],
[91], [92] and the references therein. The statistical model
in (133) is not only applicable for SPD antennas but also
for CAP antennas if the CAP surface is sampled into an
SPD antenna array [90], [91], [92]. For CAP surfaces with-
out spatial sampling, the modelling of the resulting multipath
channels is an open problem. Hence, we will focus our efforts
on SPD antennas.

• Near-Field Channel Statistics vs. Far-Field Channel
Statistics: In NFC, different antenna elements of the same
array suffer from significantly different path lengths and
non-uniform channel gains. Due to this property, correla-
tion matrix R cannot be simplified to an identity matrix
even when the antenna array is half-wavelength-spaced and
deployed in an isotropic scattering environment [89]. This
fact means that correlated fading models are physically more
realistic for NFC. In other words, adopting a correlated
fading model where R �= I to evaluate NFC performance is
required. On the other hand, for performance analysis of con-
ventional far-field communications, usually the independent
and identically distributed (i.i.d.) Rayleigh fading channel
model with R = I has been adopted in most theoretical
research.
Considering the above facts, we adopt the corre-

lated fading model for analyzing the statistical near-field
performance in the presence of NLoS channels. In this case,
channel vector h can be statistically described as follows

h = h + R
1
2 h̃, (135)

where h̃ ∼ CN (0, I). We next evaluate NFC performance for
this statistical channel model by analyzing the OP, ECC, and
EMI. For ease of understanding, we first analyze these met-
rics for correlated MISO Rayleigh channels with h = 0 and
then extend the derived results to correlated MISO Rician
channels with h �= 0. Our aim is to provide a general ana-
lytical framework for analyzing the three metrics, i.e., OP,
ECC, and EMI, without knowledge of the structure of cor-
relation matrix R. In other words, our proposed analytical
framework is applicable for any R � 0.

2) ANALYSIS OF THE OP FOR RAYLEIGH CHANNELS

Let R denote the required communication rate. An outage
occurs when the actual communication rate log2(1 + γ ) is
less than R. Accordingly, the OP for Rayleigh channels can
be written as follows:

Prayleigh = Pr
(
log2(1 + γ ) < R). (136)

Inserting (109) into (136) yields

Prayleigh = Pr

(

‖h‖2 <
2R − 1

p/σ 2

)

= F‖h‖2

(
2R − 1

p/σ 2

)

, (137)
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where F‖h‖2(·) is the cumulative distribution function (CDF)
of ‖h‖2. The OP can be analyzed using the following basic
analytical framework, which involves three steps.
1. Analyzing the Statistics of the Channel Gain: In the first

step, we calculate the probability density function (PDF) and
CDF of ‖h‖2 to obtain a closed-form expression for P . The
main results are summarized as follows.
Lemma 4: For correlated MISO Rayleigh channel h ∼

CN (0,R), the PDF and CDF of ‖h‖2 are respectively
given by

f‖h‖2(x) = λ
rR
min∏rR
i=1 λi

∞∑

k=0

ψkxrR+k−1

λ
rR+k
min �(rR + k)

e
− x
λmin , (138)

F‖h‖2(x) = λ
rR
min∏rR
i=1 λi

∞∑

k=0

ψkϒ(k + rR, x/λmin)

�(rR + k)
, (139)

where rR is the rank of matrix R, {λi > 0}rRi=1 are the positive
eigenvalues of matrix R, λmin = mini=1,...,λR λi, �(z) =∫∞

0 e−ttz−1dt is the Gamma function, ϒ(s, x) = ∫ x0 ts−1e−tdt
is the lower incomplete Gamma function, ψ0 = 1, and the
ψk (k ≥ 1) can be calculated recursively as follows

ψk+1 =
k+1∑

i=1

⎡

⎣
rR∑

j=1

(
1 − λmin/λj

)i
⎤

⎦ψk+1−i
k + 1

. (140)

Proof: Please refer to Appendix J.
2. Deriving a Closed-Form Expression of the OP: In the

second step, we exploit the CDF of ‖h‖2 to calculate the
OP, which yields the following theorem.
Theorem 7: The OP of the considered system is given by

Prayleigh = λ
rR
min∏rR
i=1 λi

∞∑

k=0

ψkϒ
(
k + rR,

2R−1
p/σ 2λmin

)

�(rR + k)
. (141)

Proof: This theorem can be directly proved by substitut-
ing (139) into (137).
3. Deriving a High-SNR Approximation of the OP: In the

last step, we investigate the asymptotic behaviour of the
OP in the high-SNR regime, i.e., p → ∞, in order to pro-
vide more insights for system design. The main results are
summarized in the following corollary.
Corollary 8: The asymptotic OP in the high-SNR regime

can be expressed in the following form:

lim
p→∞P � (Ga · p)−Gd , (142)

where Ga = (rR!
∏rR
i=1 λi)

1/rR

σ 2(2R−1)
and Gd = rR.

Proof: Please refer to Appendix K.
In (142), Ga is referred to as the array gain, and Gd

is referred to as the diversity gain or diversity order [93].
The diversity order Gd determines the slope of the OP as a
function of the transmit power, at high SNR, depicted in a
log-log scale. On the other hand, Ga (in decibels) specifies
the power gain of the actual OP compared to a benchmark-
OP of p−Gd . Note that the OP can be improved by increasing
Ga or Gd.

FIGURE 26. Outage probability for correlated MISO Rayleigh channels and data rate
R = 1 bps/Hz. The system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ, φ)=( π
2 , π

2 ),
r = 4 m, A = λ2

4π
, ea = 1, ρ = Ĵ(sm,n)= [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2

	 = 1, ∀	. The
coordinates (in meters) of the scatterers are given by s


1 = [ 7
10 sin π

4 ,r , 7
10 cos π

4 ]T,
s


2 = [ 4
5 sin π

8 ,r , 4
5 cos π

8 ]T, s

3 = [ 13

20 sin 47π
64 ,r , 13

20 cos 47π
64 ]T, and s


4 = [ 2
5 sin π

7 ,r , 2
5 cos π

7 ]T.
The LoS channels h, {h	(r	 ,r)}L

	=1, and {h	(r	)}L
	=1 follow the USW channel model.

Remark 13: The results in Corollary 8 indicate that in
the high-SNR regime, the slope and power gain of the OP

is given by rR and
(rR!
∏rR
i=1 λi)

1/rR

σ 22R−1
, respectively.

• Numerical Results: To illustrate the above derivations,
we show the OP as a function of the transmit power, p,
in Fig. 26 for the USW channel model and various values
of L. The simulation results are denoted by markers. The
analytical and asymptotic results are calculated using (141)
and (142), respectively. Fig. 26 reveals that the analytical
results are in good agreement with the simulated results,
and the derived asymptotic results approach the numerical
results in the high-SNR regime (p → ∞). Furthermore, it
can be observed that larger values of L yield higher diversity
orders.

• Extension to MIMO Case: Note that the definition
presented in (136) only applies to MISO channels. The exten-
sion to the single-user MIMO case with isotropic inputs is
given by

P = Pr
(

log2 det
(
I + p/σ 2HHH

)
< R
)
, (143)

where H ∈ C
NR×NT is the channel matrix with NR and

NT denoting the numbers of receive and transmit antennas,
respectively. The evaluation of the OP in (143) requires the
application of tools from random matrix theory; please refer
to [94], [95], [96] and the references therein for more details.
The existing literature shows that the asymptotic OP for
MIMO channels in the high-SNR regime also follows the
standard form given in (142) (see, e.g., [97]).

3) ANALYSIS OF THE ECC FOR RAYLEIGH CHANNELS

Having analyzed the OP, we turn our attention to the ECC.
Achieving the ECC requires the BS to adaptively adjust its
coding rate to the channel capacity at the beginning of each
coherence interval. The ECC mathematically equals the mean
of the instantaneous channel capacity log2(1 + p/σ 2‖h‖2),
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which can be expressed as follows:

C̄rayleigh = E

{
log2

(
1 + p/σ 2‖h‖2

)}

=
∫ ∞

0
log2

(
1 + p/σ 2x

)
f‖h‖2(x)dx. (144)

The analysis of the ECC also comprises three steps.
1. Analyzing the Statistics of the Channel Gain: In the

first step, we analyze the statistics of the channel gain ‖h‖2.
The results are provided in Lemma 4.
2. Deriving a Closed-Form Expression for the ECC: In the

second step, we exploit the PDF of ‖h‖2 to derive a closed-
form expression for C̄rayleigh, which yields the following
theorem.
Theorem 8: The ECC can be expressed in closed form as

follows:

C̄rayleigh = λ
rR
min∏rR
i=1 λi

∞∑

k=0

rR+k−1∑

μ=0

ψk/ ln 2

(rR + k − 1 − μ)!

×
⎡

⎣ (−1)rR+k−μe
1

p/σ2λmin

(
p/σ 2λmin

)rR+k−1−μ Ei
( −1

p/σ 2λmin

)

+
rR+k−1−μ∑

u=1

(u− 1)!

( −1

p/σ 2λmin

)rR+k−1−μ−u
⎤

⎦.

(145)

where Ei(x) = − ∫∞
−x e

−tt−1dt denotes the exponential
integral function.
Proof: This theorem is proved by substituting (138)

into (144) and solving the resulting integral with the aid
of [98, eq. (4.337.5)].
3. Deriving a High-SNR Approximation for the ECC: In

the third step, we perform asymptotic analysis for the ECC
assuming a sufficiently high SNR (p → ∞) in order to
provide additional insights for system design. The asymptotic
ECC in the high-SNR regime is presented in the following
corollary.
Corollary 9: The asymptotic ECC in the high-SNR

regime can be expressed in the following form:

lim
p→∞ C̄rayleigh � S∞

(
log2(p)− L∞

)
, (146)

where S∞ = 1 and

L∞ = −E

{
log2

(
‖h‖2/σ 2

)}
= log2 σ

2

− λ
rR
min∏rR
i=1 λi

∞∑

k=0

ψk(ψ(rR + k)+ ln(λmin))

ln 2
, (147)

where ψ(x) = d
dx ln�(x) is the Digamma function.

Proof: Please refer to Appendix L.
It is worth noting that log2(p) in (146) can be rewritten as

log2(p) = 10 log10(p)
10 log10 2 = p|dB

3 dB . Hence, L∞ is termed the high-

SNR power offset in 3-dB units [99], and S∞ is referred to
as the high-SNR slope, the number of DoFs, the maximum
multiplexing gain, or the pre-log factor in bits/s/Hz/(3 dB).

FIGURE 27. Ergodic channel capacity for correlated MISO Rayleigh channels. The
system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n)= [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 ,r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	 ,r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

The high-SNR slope S∞ characterizes the ECC as a func-
tion of the transmit power, at high SNR, on a log scale.
In multi-antenna communications, S∞ quantifies the num-
ber of spatial DoFs, which determines the number of spatial
dimensions available for communications. On the other hand,
L∞ is the power shift with respect to the baseline ECC
curve of S∞ log2(p). Note that the ECC can be improved by
increasing S∞ or decreasing L∞.
Remark 14: The results in Corollary 9 reveal that the

high-SNR slope and the high-SNR power offset of the ECC
are given by 1 and −E{log2(‖h/σ 2‖2)}, respectively.

• Numerical Results: To illustrate the above results, we
show the ECC versus the transmit power, p, in Fig. 27 for the
USW channel model and various values of L. The analytical
and asymptotic results are calculated using (145) and (146),
respectively. Simulation results are plotted using markers.
As Fig. 27 shows, the analytical results are in excellent
agreement with the simulated results, and the derived asymp-
totic results approach the numerical results in the high-SNR
regime (p → ∞). For the considered case, the high-SNR
slope is independent of L, which causes the ECC curves in
Fig. 27 to be parallel to each other for high transmit powers.

• Extension to MIMO Case: The definition presented
in (144) applies to MISO systems. The extension to
single-user MIMO systems with isotropic inputs is given by

C̄ = E

{
log2 det

(
I + p/σ 2HHH

)}
. (148)

The evaluation of the ECC in (148) requires the applica-
tion of random matrix theory; see [94], [95], [96], [100] for
more details. Furthermore, the existing literature has shown
that the asymptotic ECC for MIMO channels in the high-
SNR regime can be also expressed in the standard form
given in (146) (see, e.g., [99]). Besides the ECC and OP,
the diversity-multiplexing tradeoff (DMT) is another impor-
tant performance metric for statistical NFC MIMO channels.
Based on the system model sketched in Fig. 25, the statistical
MIMO channel under Rayleigh fading can be characterized
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as H = Ar�HAt, where Ar and Ar are two determinis-
tic matrices containing the array steering vectors, and �H
is a diagonal random matrix with complex Gaussian dis-
tributed diagonal elements. Since Ar�HAt corresponds to
a finite-dimensional channel model [101], conventional ran-
dom matrix theory tools are difficult to apply. Therefore, a
theoretical analysis of the DMT for this channel is an open
problem, which deserves further research attention.

4) ANALYSIS OF THE EMI FOR RAYLEIGH CHANNELS

For our analysis of the ECC, we have utilized Shannon’s
formula to calculate the channel capacity, i.e., log2(1 + γ ).
From the information-theoretic point of view, the channel
capacity log2(1+γ ) is achievable when the transmitter sends
Gaussian distributed source signals [102]. However, although
Gaussian signals are capacity-achieving, practical systems
transmit signals belong to finite and discrete constellations,
such as quadrature amplitude modulation (QAM) [20], [103],
[104], [105]. The analysis of the mutual information (MI) for
finite-alphabet input signals (finite-alphabet inputs) is very
different from that for Gaussian distributed input signals
(Gaussian inputs). Motivated by this, we establish the basic
analytical framework for the EMI achieved by finite-alphabet
inputs for correlated fading channels.
The EMI for fading channels is best understood by consid-

ering the MI of a scalar Gaussian channel with finite-alphabet
inputs. To this end, consider the scalar AWGN channel

Y = √
γX + Z, (149)

where Z ∼ CN (0, 1) is the AWGN, γ is the SNR, and
X ∈ C is the transmitted symbol. We assume that X satisfies
the power constraint E{|X|2} = 1 and is taken from a finite
constellation alphabet X consisting of Q points, i.e., X =
{xq}Qq=1. The qth symbol in X , i.e., xq, is transmitted with
probability pq, 0 < pq < 1, and the vector of probabilities
pX � [p1, . . . , pQ]T is called the input distribution with∑Q

q=1 pq = 1. For this AWGN channel, the MI is given
by [20]

IX (γ ) = HpX − 1

π

Q∑

q=1

∫

C

pqe
−|u−√

γ xq|2

× log2

⎛

⎝
Q∑

q′=1

pq′

pq
e
|u−√

γ xq|2−
∣∣
∣u−√

γ xq′
∣∣
∣
2
⎞

⎠du, (150)

where HpX =∑Q
q=1 pq log2(

1
pq
) is the entropy of the input

distribution pX in bits. When X is a Gaussian constellation,
then IX (γ ) degenerates to IX (γ ) = log2(1 + γ ). In contrast
to Shannon’s formula, the MI in (150) generally cannot be
simplified to a closed-form expression, which complicates
the subsequent analysis.
By a straightforward extension of (150) to a single-input

vector channel, the EMI achieved in the considered MISO
Rayleigh channel can be expressed as follows [106]:

Īrayleigh
X = E

{
IX
(
p/σ 2‖h‖2

)}

=
∫ ∞

0
IX
(
p/σ 2x

)
f‖h‖2(x)dx. (151)

To characterize the EMI, we follow three main steps which
are detailed in the sequel.
1. Analyzing the Statistics of the Channel Gain: Similar to

the analyses of the OP and the ECC, the statistics of ‖h‖2

are needed. The results are given in (138) and (139).
2. Deriving a Closed-Form Expression for the EMI: In

the second step, we leverage the PDF of ‖h‖2 to derive a
closed-form expression for the EMI.
As stated before, there is no closed-form expression for

the MI, which makes the derivation of ĪX a challenging task.
As a compromise, we resort to developing accurate approx-
imations of ĪX . As suggested in [106], [107], [108], [109],
by using multi-exponential decay curve fitting (M-EDCF),
the MI given in (139) can be approximated as follows:

IX (γ ) ≈ ÎX (γ ) = HpX

⎛

⎝1 −
kX∑

j=1

ζ
(X )
j e−ϑ

(X )
j γ

⎞

⎠, (152)

where
∑kX

j=1 ζ
(X )
j = 1. The fitting parameters kX , {ζ (X )j }kXj=1,

and {ϑ(X )j }kXj=1 can be found by using the open-source fit-
ting software package 1stOpt6 [107]. Table 6 lists the fitting
parameters of the most commonly used equiprobable square
QAM constellations, i.e., 4-QAM (or quadrature phase shift
keying, QPSK), 16-QAM, 64-QAM, and 256-QAM. Based
on the data in Table 6 and the discussions in [107], using
ÎX (·) to approximate IX (·) yields an absolute error of
O(10−4) and a relative error of O(10−3). Considering this
excellent approximation quality, it is reasonable to employ
ÎX (·) on approximating the EMI, which yields the following
theorem.
Theorem 9: The EMI achieved by finite-alphabet inputs

can be approximated as follows:

Īrayleigh
X ≈ HpX −

kX∑

j=1

∞∑

k=0

λ
rR
minHpX∏rR
i=1 λi

ζ
(X )
j ψk

(
1 + λmin

p
σ 2ϑ

(X )
j

)rR+k . (153)

Proof: This theorem can be proved by substituting (138)
and (152) into (151) and calculating the resulting integral
with the aid of [98, eq. (3.326.2)].
Given the closed-form expression of the EMI, the energy

efficiency (EE), i.e., the total energy consumption per bit (in
bit/Joule), can also be obtained as follows:

EE = EMI ×W

Ptot
, (154)

where Ptot denotes the total consumed power (in Watt), W
is the bandwidth (in Hz), and EMI represents the spectral
efficiency (SE) or EMI (in bit/s/Hz). Particularly, we have
EMI = C̄ for Gaussian inputs and EMI = ĪX for finite-
alphabet inputs. According to the circuit power consumption

6. This package is online available: http://www.7d-soft.com/en/.
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TABLE 6. Fitting coefficients for 4/16/64/256-QAM in (152).

model in [110], [111], the total consumed power is calculated
as follows:

Ptot = ζ−1
eff p+ Pcirc, (155)

where ζeff < 1 is the efficiency of the power amplifier, p
denotes the transmit power, and Pcirc is given as follows:

Pcirc = 2Psyn + NPTR + PRR, (156)

with Psyn, PTR, and PRR representing the circuit power con-
sumptions of the frequency synthesizer, the transmit RF
chain, and the receive RF chain, respectively. Inserting (155)
and (156) into (154) yields

EE = EMI ×W

ζ−1
eff p+ 2Psyn + NPTR + PRR

. (157)

3. Deriving a High-SNR Approximation for the EMI: In
the last step, we investigate the asymptotic behaviour of the
EMI in the high-SNR regime, i.e., p → ∞. The main results
are summarized as follows.
Corollary 10: The asymptotic EMI in the high-SNR

regime can be expressed as follows:

lim
p→∞ Īrayleigh

X � HpX − (Aa · p)−Ad , (158)

where Aa = 1
σ 2 (

1
ln 2

M[MMSEX (t);rR+1]
rR!
∏rR
i=1 λi

)−1/rR ∈ (0,∞) and

Ad = rR. Here, MMSEX (t) denotes the minimum mean
square error (MMSE) in estimating X in (149) from Y when
γ = t, and M[�(t); z] � ∫∞

0 tz−1�(t)dt denotes the Mellin
transform of �(t) [112].
Proof: Please refer to Appendix M.
Remark 15: The result in (158) suggests that the EMI

achieved by finite-alphabet inputs converges to HpX in the
limit of large p, and its rate of convergence (ROC) equals
the rate of (Aa · p)−Ad converging to 0.
In (158), Aa is referred to as the array gain, and Ad is

referred to as the diversity order. The diversity order Ad
determines the slope of the ROC, i.e., (Aaγ̄ )

−Ad , as a
function of the transmit power, at high SNR, in a log-log
scale. On the other hand, Aa (in decibels) determines the
power gain relative to a benchmark ROC curve of (γ̄ )−Ad .
It is noteworthy that the ROC is accelerated by increasing
Aa or Ad, and a faster ROC yields a larger EMI.
Remark 16: The results in Corollary 10 reveal that the

diversity order and the array gain of the EMI are given by
rR and 1

σ 2 (
1

ln 2
M[MMSEX (x);rR+1]

rR!
∏rR
i=1 λi

)−1/rR , respectively.

Remark 17: By comparing (158) with (146), one can see
a significant difference between the EMI achieved by finite-
alphabet inputs and Gaussian inputs. The EMI achieved by

FIGURE 28. Ergodic mutual information for correlated MISO Rayleigh channels. The
system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n)= [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 , r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	, r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

Gaussian inputs, also referred to as the ECC, grows with
γ̄ unboundedly. In contrast, the EMI achieved with finite-
alphabet inputs converges to a constant value.

• Numerical Results: To further illustrate our derived
results, in Fig. 28, we plot the EMI for USW LoS channels
achieved by square QAM constellations versus the transmit
power, p. The simulation results are denoted by markers.
The approximated results are obtained based on (153). As
can be observed in Fig. 28, the approximated results are in
excellent agreement with the simulation results. This veri-
fies the accuracy of the approximation in (152) and (153).
The EMI achieved by Gaussian inputs is also shown as a
baseline. As Fig. 28 shows, the EMI for Gaussian inputs
grows unboundedly as p increases, whereas the EMI for
finite-alphabet inputs converges to the entropy of the input
distribution HpX , in the limit of large p. This observation val-
idates our discussions in Remark 17. Moreover, we observe
that in the low-SNR regime, the EMI achieved by finite-
alphabet inputs is close to that achieved by Gaussian inputs,
which is consistent with the results in [113]. To illustrate the
ROC of the EMI, we depict HpX −ĪX versus p in Fig. 29. As
can be observed, in the high-SNR regime, the derived asymp-
totic results approach the numerical results. Besides, it can
be observed that lower modulation orders yield faster ROCs.
The numerical results presented in Fig. 28 and Fig. 29 are
based on square M-QAM constellations, which are the most
widely used modulation schemes in practical communica-
tion systems, supported, e.g., in 5G new radio (NR) [114].
For a thorough study, we compare the EMI achieved by
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FIGURE 29. Rate of convergence of the EMI for correlated MISO Rayleigh channels.
The system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 ,r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	 ,r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

FIGURE 30. Ergodic mutual information achieved by different modulation schemes
for correlated MISO Rayleigh channels. The system is operating at frequency 28 GHz.
Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
, ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n,

σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in meters) of the scatterers are given

by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T, s


2 = [ 4
5 sin π

8 ,r , 4
5 cos π

8 ]T, s

3 = [ 13

20 sin 47π
64 ,r , 13

20 cos 47π
64 ]T,

and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T. The LoS channels h, {h	(r	 ,r)}L

	=1, and {h	(r	)}L
	=1 are

described by the USW channel model.

QAM and phase shift keying (PSK) modulation in Fig. 30.
PSK is used in wireless local area network applications
such as Bluetooth and radio frequency identification (RFID).
As observed from Fig. 30, for a given modulation order
M > 4, PSK’s EMI is smaller than QAM’s. This means that
PSK has a lower spectral efficiency than QAM. Moreover,
PSK has an inferior BER performance compared to QAM
at high SNRs, as the phase transitions become more diffi-
cult to detect. PSK may also require more complex phase
synchronization and demodulation techniques, especially for
higher-order PSK [115]. The above arguments imply that
QAM is preferred over PSK for application in future NFC
networks.
Fig. 31 illustrates the EE-SE tradeoff obtained by (157)

when the transmit power budget p varies from 0 dBm to
50 dBm. It can be observed that for increasing EMI or
SE, the EE first increases and then decreases. This suggests
that there exists an optimal EMI that maximizes the EE,
which is denoted as EMI�. The reason for this behaviour

FIGURE 31. EE-SE tradeoff for correlated MISO Rayleigh channels. The system is
operating at frequency 28 GHz with W = 10 MHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ),
r = 4 m, A = λ2

4π
, ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2

	 = 1, ∀	. The
coordinates (in meters) of the scatterers are given by s


1 = [ 7
10 sin π

4 ,r , 7
10 cos π

4 ]T,
s


2 = [ 4
5 sin π

8 ,r , 4
5 cos π

8 ]T, s

3 = [ 13

20 sin 47π
64 ,r , 13

20 cos 47π
64 ]T, and s


4 = [ 2
5 sin π

7 ,r , 2
5 cos π

7 ]T.
The LoS channels h, {h	(r	 ,r)}L

	=1, and {h	(r	)}L
	=1 are described by the USW channel

model. In addition, a practical class-A RF power amplifier is considered for which
ζeff = 0.35, Psyn = 50 mW, PTR = 48.2 mW, and PRR = 62.5 mW [111, Table 1] hold. The
values of ζeff and Psyn can be directly found in [111, Table 1]. However, the values of
PTR and PRR are calculated with the aid of [111, eq. (32)] and [111, eq. (33)],
respectively. Since the computation is trivial, we omit the detailed steps here.

is that the total consumed power Ptot increases linearly
with the power budget p, whereas the EMI and SE increase
sub-linearly with p. Particularly, for finite-alphabet inputs,
the achieved EMI converges to some constant as p increases.
Therefore, the corresponding EE decreases rapidly when
the EMI exceeds EMI�. Additionally, it can be seen that
a larger modulation order yields a larger value of EMI� and
a better SE-EE tradeoff. Gaussian input signals provide an
EE performance upper bound. In the low-EMI or low-SNR
regime, we observe that the EE achieved by finite-alphabet
inputs is close to that achieved by Gaussian inputs, which is
consistent with the results shown in Fig. 28. It, thus, is advis-
able to apply lower-order modulation types in the low-power
regime [116].

• Extension to MIMO Case: Compared with the EMI
achieved in MISO channels (as formulated in (151)), the
analysis of the EMI achieved in MIMO channels is much
more challenging. In a multiple-stream MIMO channel, the
received signal vector is given by

y = √γ̄HPx + n, (159)

where n ∼ CN (0, I) is Gaussian noise, P ∈ C
NT×ND denotes

the precoding matrix satisfying tr{PPH} = 1 with ND being
the number of data streams, and x ∈ C

ND×1 is the data vector
with i.i.d. elements drawn from constellation X . Hence, input
signal x is taken from a multi-dimensional constellation X̂
comprising QND points, i.e., x ∈ X̂ = {xq ∈ C

ND}QNDq=1 ,
with E{xxH} = I. Assume xq is sent with probability qq,
0 < qq < 1, and the input distribution is given by qX̂ �
[q1, . . . , qQND ]T with

∑QND
g=1 qg = 1. The MI in this case can
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be written as follows [20], [117], [118]:

IX̂
(
p/σ 2;HP

)
= HqX̂ − NR log2 e−

QND∑

q=1

qq

× En

⎧
⎨

⎩
log2

⎛

⎝
QND∑

q′=1

qq′

qq
e
−
∥∥
∥n+

√
p/σ 2HP

(
xq−xq′

)∥∥
∥

2
⎞

⎠

⎫
⎬

⎭
. (160)

The EMI achieved in channel (159) is given by

ĪX̂ = E

{
IX̂
( p
σ 2

;HP
)}

= HqX̂ − NR log2 e−
QND∑

q=1

qq

× EH,n

⎧
⎨

⎩
log2

⎛

⎝
QND∑

q′=1

qq′

qq
e
−
∥
∥∥n+

√
p/σ 2HP

(
xq−xq′

)∥∥∥
2
⎞

⎠

⎫
⎬

⎭
.

(161)

By comparing IX̂ (p/σ
2;HP) in (160) with IX (p/σ 2)

in (150), we observe that IX̂ (γ̄ ;HP) presents an even more
intractable form than IX (p/σ 2). Therefore, our developed
methodology for analyzing E{IX (p/σ 2)} cannot be straight-
forwardly applied to analyzing E{IX̂ (p/σ 2;HP)}. In the
past years, the EMI achieved by finite-alphabet inputs in
MIMO channels has been studied extensively and many
approximated expressions for the EMI were derived under
different fading models; see [103], [119], [120] and the
references therein. However, it should be noted that the
problem of characterizing the high-SNR asymptotic EMI
for MIMO transmission, i.e., limp→∞ E{IX̂ (p/σ 2;HP)} has
been open for years, and only a couple of works appeared
recently. The author in [117] discussed the high-SNR asymp-
totic behaviour of E{IX̂ (γ̄ ;HP)} for isotropic inputs and
correlated Rician channels. The authors in [118] further
characterized the high-SNR EMI by considering a double-
scattering fading model and non-isotropic precoding. Most
interestingly, as shown in these two works, the asymp-
totic EMI for MIMO channels in the high-SNR regime also
follows the standard form given in (158).

By now, we have established a framework for analyzing
the OP, ECC, and EMI for the correlated MISO Rayleigh
fading model. We next exploit this framework to analyze the
NFC performance for correlated Rician fading.

5) ANALYSIS OF THE OP FOR RICIAN CHANNELS

Based on (136) and (137), the OP can be expressed
as follows:

Prician = Pr

(∥∥
∥h + R

1
2 h̃
∥∥
∥

2
<

2R − 1

p/σ 2

)

, (162)

which is analyzed in the following three steps.
1. Analyzing the Statistics of the Channel Gain: In the

first step, we analyze the statistics of ‖h‖2 = ‖h+R
1
2 h̃‖2 to

obtain a closed-form expression for Prician. We commence
with the following lemma.

Lemma 5: The variate ‖h+R
1
2 h̃‖2 has the same statistics

as the following variate:

rR∑

i=1

λi

∥∥∥∥hiλ
− 1

2
i + h̃i

∥∥∥∥

2

︸ ︷︷ ︸
ã

+
N∑

i=rR+1

‖hi‖2

︸ ︷︷ ︸
ã0

, (163)

where UH�U is the eigenvalue decomposition of R with
UUH = I and � = diag{λ1, . . . , λrR , 0, . . . , 0}, {λi > 0}rRi=1
are the positive eigenvalues of matrix R, hi is the ith element
of vector Uh ∈ C

N , and [h̃1, . . . , h̃rR ]T ∼ CN (0, I).
Proof: Please refer to Appendix N.
Note that ã0 is a deterministic constant and the randomness

of (163) originates from ã. Moreover, since [h̃1, . . . , h̃rR ]T ∼
CN (0, I), we have λ

− 1
2

i hi + h̃i ∼ CN (λ− 1
2

i hi, 1), which

means that 2‖hiλ− 1
2

i + h̃i‖2 follows a noncentral chi-square
distribution with 2 degrees of freedom and noncentrality
parameter κi = 2λ−1

i |hi|2 [121]. Consequently, ã can be
expressed as a weighted sum of noncentral chi-square vari-
ates with 2 degrees of freedom, noncentrality parameter
equaling 2λ−1

i |hi|2, and weight coefficients ai = λi
2 . On this

basis, the PDF and CDF of ã are presented in the following
lemmas.
Lemma 6: The PDF of ã is given by

fã(x) = e− x
2� xrR−1

(2�)rR�(rR)

∞∑

k=0

k!ck
(rR)k

L(rR−1)
k

(
rRx

2�ξ0

)
, (164)

where L(α)n (·) is the generalized Laguerre polynomial
[98, eq. (8.970.1)] and (x)n is the Pochhammer sym-
bol [122]. Based on [123], we have

L(α)n (x) = �(n+ α + 1)

n!

n∑

k=0

(−n)kzk
k!�(α + k + 1)

, (165)

(x)n = �(x+ n)

�(n)
, (−x)n = (−1)n(x− n+ 1)n. (166)

The coefficients ck are recursively obtained using the
following formulas:

ck = 1

k

k−1∑

j=0

cjdk−j, k ≥ 1, (167a)

c0 =
(
rR
ξ0

)rR
e
− 1

2

∑rR
i=1

κiai(rR−ξ0)
�ξ0+ai(rR−ξ0)

×
rR∏

i=1

(
1 + ai

�
(rR/ξ0 − 1)

)−1
, (167b)

dj = − j� rR
2ξ0

rR∑

i=1

κiai(� − ai)
j−1
(

ξ0

�ξ0 + ai(rR − ξ0)

)j+1

+
rR∑

i=1

(
1 − ai/�

1 + (ai/�)(rR/ξ0 − 1)

)j
, j ≥ 1. (167c)

In (167), the parameters ξ0 and � are selected in a suit-
able manner to guarantee the uniform convergence of (164).
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More specifically, if ξ0 < rR/2, then the series representa-
tion in (164) uniformly converges in any finite interval for
all � > 0. If ξ0 ≥ rR/2, then (164) uniformly converges
in any finite interval for � > (2 − rR/ξ0)amax/2, where
amax = maxi=1,...,rR ai. In this paper, we set ξ0 = rR/3 and
� = 1

rR

∑rR
i=1 ai.

Proof: Please refer to [124, Sec. 3].
Lemma 7: The CDF of ã is given by

Fã(x) = e− x
2� xrR

(2�)rR+1�(rR + 1)

×
∞∑

k=0

k!mk
(rR + 1)k

L(rR)k

(
rR + 1

2�ξ0
x

)
. (168)

The coefficients mk are recursively obtained using the
following formulas:

mk = 1

k

k−1∑

j=0

mjqk−j, k ≥ 1, (169a)

m0 = 2(rR + 1)rR+1e
− 1

2

∑rR
i=1

κiai(rR+1−ξ0)
�ξ0+ai(rR+1−ξ0)

× � rR+1

rR + 1 − ξ0

rR∏

i=1

(�ξ0 + ai(rR + 1 − ξ0))
−1,

(169b)

qj = − j�(rR + 1)

2ξ0

rR∑

i=1

κiai(� − ai)
j−1 (169c)

×
(

ξ0

�ξ0 + ai(rR + 1 − ξ0)

)j+1

+
( −ξ0

rR + 1 − ξ0

)j

+
rR∑

i=1

(
ξ0(� − ai)

�ξ0 + ai(rR + 1 − ξ0)

)j
, j ≥ 1. (169d)

In (169), parameters ξ0 and � are selected in a similar
manner as for the PDF to ensure the uniform convergence
of (168).
Proof: Please refer to [124, Sec. 3].
Based on (168) and (164), we obtain the CDF and PDF

of ‖h‖2 = ‖h + R
1
2 h̃‖2 as follows:

F‖h‖2(x) = Fã(x− ã0), x ≥ ã0, (170)

f‖h‖2(x) = fã(x− ã0), x ≥ ã0, (171)

where ã0 ≥ 0.
2. Deriving a Closed-Form Expression for the OP: In the

second step, we exploit the CDF of ‖h‖2 to calculate the
OP, which yields the following theorem.
Theorem 10: The OP of the considered system is given by

Prician =
⎧
⎨

⎩
Fã
(

2R−1
p/σ 2 − ã0

) (
2R−1

)
σ 2

ã0
> p ≥ 0

0
(
2R−1

)
σ 2

ã0
< p

. (172)

Proof: This theorem can be directly proved by substitut-
ing (170) into (162).

Remark 18: The result in (172) suggests that the OP for
NFC Rician fading channels is a piecewise function of p,
where the two pieces intersect at p0 = (2R−1)σ 2

ã0
. This

means that for MISO Rician channels, achieving zero OP
only requires a finite transmit power. By contrast, for MISO
Rayleigh channels, we have h = 0 and thus ã0 = 0, which
means that achieving a zero OP requires an infinitely high
transmit power. The above discussion reveals that the LoS
component can improve the outage performance of NFC.
3. Deriving the Rate of Convergence of the OP: In Step

3 of Section II, we investigate the high-SNR asymptotic
behaviour of Prayleigh and formulate it into the standard form
(Ga ·p)−Gd (given by (142)). Considering (172), Prician satis-
fies limp→∞ Prician = 0. However, since Prician is a piecewise
function of p, we cannot formulate its high-SNR approxi-
mation in the standard form as given by (142). It is worth
noting that the standard form (Ga · p)−Gd essentially char-
acterizes the rate of Prayleigh converging to zero. Motivated
by this, in the last step, we investigate the rate of Prician
converging to zero.
Based on (172), as p increases, Prician becomes zero when

p = p0 = (2R−1)σ 2

ã0
, i.e.,

lim
p→ (2R−1)σ2

ã0

Prician = 0. (173)

The following corollary characterizes the asymptotic
behaviour of Prician as p → (2R−1)σ 2

ã0
.

Corollary 11: When p → (2R−1)σ 2

ã0
, Prician satisfies

lim
p→ (2R−1)σ2

ã0

Prician

�
(
G−1

a ·
(

1

p
− 1

p0

))Gd

, (174)

where Ga = (rR!
∏rR
i=1 λie

λ
−1
i |hi|2 )1/rR

σ 2(2R−1)
and Gd = rR.

Proof: Please refer to Appendix O.
Remark 19: The results in Corollary 11 indicate that as

p → (2R−1)σ 2

ã0
, the rate at which Prician converges to zero

equals the rate of (G−1
a · ( 1

p − ã0
(2R−1)σ 2 ))

Gd converging to
zero. Based on (174), the diversity order and the array

gain of Prician are given by rR and
(rR!
∏rR
i=1 λie

λ
−1
i |hi|2 )1/rR

σ 2(2R−1)
,

respectively.
Remark 20: When h = 0, the Rician model degenerates to

the Rayleigh model as ã0 = 0. In this case, (174) degenerates
into the standard form given by (142). By comparing (142)
with (174), we find that Gd = Gd and Ga < Ga. This suggests
that the OP for Rician fading yields the same diversity order
as that for Rayleigh fading, yet has a larger array gain than
the latter one.

• Numerical Results: To further illustrate the derived
results, in Fig. 32, we show the OP for USW LoS chan-
nels as a function of the transmit power, p. The analytical
results are calculated using (172). As can be observed in
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FIGURE 32. Outage probability for correlated MISO Rician channels and data rate
R = 1 bps/Hz. The system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ),
r = 4 m, A = λ2

4π
, ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2

	 = 1, ∀	. The
coordinates (in meters) of the scatterers are given by s


1 = [ 7
10 sin π

4 ,r , 7
10 cos π

4 ]T,
s


2 = [ 4
5 sin π

8 ,r , 4
5 cos π

8 ]T, s

3 = [ 13

20 sin 47π
64 ,r , 13

20 cos 47π
64 ]T, and s


4 = [ 2
5 sin π

7 ,r , 2
5 cos π

7 ]T.
The LoS channels h, {h	(r	 ,r)}L

	=1, and {h	(r	)}L
	=1 follow the USW channel model.

FIGURE 33. Outage probability versus æ for correlated MISO Rician channels and
data rate R = 1 bps/Hz. The system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 ,
(θ ,φ)=( π

2 , π
2 ), r = 4 m, A = λ2

4π
, ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and

σ 2
	 = 1, ∀	. The coordinates (in meters) of the scatterers are given by

s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T, s


2 = [ 4
5 sin π

8 ,r , 4
5 cos π

8 ]T, s

3 = [ 13

20 sin 47π
64 ,r , 13

20 cos 47π
64 ]T,

and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T. The LoS channels h, {h	(r	 ,r)}L

	=1, and {h	(r	)}L
	=1 follow

the USW channel model.

Fig. 32, the analytical results are in good agreement with
the simulated results, and the OP collapses to zero when
p = (2R−1)σ 2

ã0
. This verifies the correctness of Theorem 10.

The simulation parameters used to generate Fig. 32 are the
same as those used to generate Fig. 26. For this simula-
tion setting, we have ã0 � E{ã}, which means that the
considered BS-to-user channel is LoS-dominated. By com-
paring the results in Fig. 32 and Fig. 26, we find that to
achieve the same OP, the Rician fading channel requires
much less power resources than the Rayleigh fading chan-
nel. This performance gain mainly originates from the strong
LoS component for Rician fading. To illustrate the ROC of
the OP, we depict Prician versus æ � ( 2R−1

p/σ 2 − ã0)
−1 in

Fig. 33. As can be observed, when æ → ∞, i.e., p →
(2R−1)σ 2

ã0
, the derived asymptotic results approach the ana-

lytical results. Besides, it can be observed that a higher
diversity order is achievable when the channel contains more
scatterers.

6) ANALYSIS OF THE ECC FOR RICIAN CHANNELS

Having analyzed the OP, we turn our attention to the ECC,
which is given as follows:

C̄rician = E

{
log2

(
1 + γ̄ ‖h‖2

)}

=
∫ ∞

ã0

log2

(
1 + p/σ 2x

)
f‖h‖2(x)dx

=
∫ ∞

0
log2

(
1 + p/σ 2(ã0 + x)

)
fã(x)dx. (175)

The analysis of the ECC also comprises three steps.
1. Analyzing the Statistics of the Channel Gain: In the

first step, we analyze the statistics of the channel gain ‖h‖2.
The results can be found in Lemma 6.
2. Deriving a Closed-Form Expression for the ECC: In the

second step, we exploit the CDF of ‖h‖2 to derive a closed-
form expression for C̄rician, which leads to the following
theorem.
Theorem 11: The ECC can be expressed in closed form

as follows:

C̄rician = log2

(
1 + p/σ 2ã0

)
+

∞∑

k=0

k∑

t=0

ck(−k)t(rR/ξ0)
t

t!�(rR + t) ln 2

×
rR+t−1∑

μ=0

�(rR + t)

�(rR + t − μ)

[
(−1)rR+t−μe 1

a

arR+t−1−μ Ei

(−1

a

)

+
rR+t−1−μ∑

u=1

(u− 1)!

(−1

a

)rR+t−1−μ−u
⎤

⎦ (176)

with a � 2�p/(σ 2 + pã0).
Proof: This theorem is proved by substituting (171)

into (175) and solving the resulting integral with the aid
of [98, Eq. (4.337.5)].
3. Deriving a High-SNR Approximation for the ECC: In

the third step, we perform an asymptotic analysis of the ECC
for a sufficiently large transmit power, i.e., p → ∞ in order
to obtain more insights for system design. The asymptotic
ECC in the high-SNR regime is presented in the following
corollary.
Corollary 12: The asymptotic ECC in the high-SNR

regime can be expressed in the following form:

lim
p→∞ C̄rician � S∞

(
log2(p)− L∞

)
, (177)

where S∞ = 1 and

L∞ = −E

{
log2

(
‖h‖2/σ 2

)}

= − log2(ã0)−
∞∑

k=0

k∑

t=0

ck(−k)t(rR/ξ0)
t

t!�(rR + t) ln 2

×
rR+t−1∑

μ=0

�(rR + t)

�(rR + t − μ)

[
(−1)rR+t−μeã0

ã−rR−t+1+μ
0

Ei(−ã0)

+
rR+t−1−μ∑

u=1

(u− 1)!(−ã0)
rR+t−1−μ−u

⎤

⎦. (178)
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FIGURE 34. Ergodic channel capacity for correlated MISO Rician channels. The
system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 ,r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	 ,r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

Proof: The proof closely follows Corollary 9.
Remark 21: The results in Corollary 12 suggest that the

high-SNR slope and the high-SNR power offset of C̄rician
are given by 1 and −E{log2(‖h‖2/σ 2)}, respectively. By
comparing (177) with (146), we find that S∞ = S∞, which
suggests that the ECC for Rician fading yields the same high-
SNR slope as that for Rayleigh fading. However, providing a
theoretical comparison between L∞ and L∞ is challenging.
Thus, we will use numerical results to compare these two
metrics.

• Numerical Results: To illustrate the above results, in
Fig. 34, we show the ECC for USW LoS channels versus
the transmit power, p. As Fig. 34 shows, the analytical results
are in excellent agreement with the simulated results, and
the derived asymptotic results approach the analytical results
in the high-SNR regime. The simulation parameters used to
generate Fig. 34 are the same as those used to generate
Fig. 27. By comparing the results in these two figures, we
find that to achieve the same ECC, the Rician fading channel
requires much less power than the Rayleigh fading channel.
Since the ECCs achieved for these two types of fading have
the same high-SNR slope, we conclude that the ECC for
Rician fading yields a smaller high-SNR power offset than
that for Rayleigh fading, i.e., L∞ < L∞. This performance
gain mainly originates from the strong LoS component for
Rician fading.

7) ANALYSIS OF THE EMI FOR RICIAN CHANNELS

The EMI can be written as follows [106]:

Īrician
X = E

{
IX
(
p/σ 2‖h‖2

)}

=
∫ ∞

ã0

IX
(
p/σ 2x

)
f‖h‖2(x)dx

=
∫ ∞

0
IX
(
p/σ 2(ã0 + x)

)
fã(x)dx. (179)

To characterize the EMI, we follow three main steps which
are detailed in the sequel.

FIGURE 35. Ergodic mutual information for correlated MISO Rician channels. The
system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 ,r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	 ,r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

1. Analyzing the Statistics of the Channel Gain: Similar
to the analyses of the OP and the ECC, we discuss the
statistics of ‖h‖2 in the first step. The results are provided
in (170) and (171).
2. Deriving a Closed-Form Expressions for the EMI: In

the second step, we leverage the PDF of ‖h‖2 to derive a
closed-form expression for the EMI. The main results are
summarized as follows.
Theorem 12: The EMI achieved by finite-alphabet inputs

can be approximated as follows

Īrician
X ≈ HpX

−
∞∑

k=0

ck

k∑

t=0

(−k)t
t!

kX∑

j=1

HpX ζ
(X )
j e−ϑ

(X )
j ã0p/σ 2

(
1 + 2�ϑ(X )j p/σ 2

)U+t .

(180)

Proof: This theorem can be proved by substituting (152)
and (170) into (179) and calculating the resulting integral
with the aid of [98, eq. (3.326.2)].
3. Deriving a High-SNR Approximation for the EMI: In

the last step, we investigate the asymptotic behaviour of the
EMI in the high-SNR regime, i.e., p → ∞. The main results
are summarized as follows.
Corollary 13: The asymptotic EMI in the high-SNR

regime can be expressed in the following form:

lim
p→∞ Īrician

X � HpX − O
(

p−rR− 1
2 e

− d2
X ,min

8
p
σ2 ã0

)

, (181)

where dX ,min � minq �=q′ |xq − xq′ |. For an equiprobable
square M-QAM constellation, the asymptotic EMI in the
high-SNR regime can be expressed as follows:

lim
p→∞ Īrician

X � log2 M − O
(

p−rR− 1
2 e

− d2
X ,min

8
p
σ2 ã0Aa

)

, (182)

VOLUME 4, 2023 2037



LIU et al.: NEAR-FIELD COMMUNICATIONS: A TUTORIAL REVIEW

FIGURE 36. Rate of convergence of the EMI for correlated MISO Rician channels.
The system is operating at 28 GHz. Nx = Nz = 33, d = λ

2 , (θ ,φ)=( π
2 , π

2 ), r = 4 m, A = λ2

4π
,

ea = 1, ρ = Ĵ(sm,n) = [1,0,0]T, ∀m,n, σ 2 = −90 dBm, and σ 2
	 = 1, ∀	. The coordinates (in

meters) of the scatterers are given by s

1 = [ 7

10 sin π
4 ,r , 7

10 cos π
4 ]T,

s

2 = [ 4

5 sin π
8 ,r , 4

5 cos π
8 ]T, s


3 = [ 13
20 sin 47π

64 ,r , 13
20 cos 47π

64 ]T, and s

4 = [ 2

5 sin π
7 ,r , 2

5 cos π
7 ]T.

The LoS channels h, {h	(r	 ,r)}L
	=1, and {h	(r	)}L

	=1 follow the USW channel model.

where

Aa =
(

2
√
M − 1

)√
πdX ,min/ ln(2)

2
√

2
√
ã0

√
M
(
d2
X ,min/8

)rR+1

rR∏

i=1

1

λi
e−|hi|2/λi . (183)

Proof: Please refer to Appendix P.
Remark 22: The results in (181) suggest that the EMI

achieved by finite-alphabet inputs converges to HpX in the
limit of large p, and its ROC is proportional to the rate

of p−rR− 1
2 e

− d2
X ,min

8
p
σ2 ã0 converging to 0. This means that

limp→∞ Īrician
X � HpX − O(p−∞). By comparing (181)

with (158), we find that Īrician
X yields a much faster ROC

than Īrayleigh
X . This fact means that to achieve the same EMI,

in Rician fading much less power resources are required than
in Rayleigh fading.

• Numerical Results: To further illustrate the obtained
results, in Fig. 35, we plot the EMI for USW LoS channels
achieved by equiprobable square M-QAM constellations ver-
sus the transmit power, p. The simulation results are denoted
by markers. As can be observed in Fig. 35, the approxi-
mated results are in excellent agreement with the simulated
results. The simulation parameters used to generate Fig. 28
are the same as those used to generate Fig. 28. By compar-
ing the results in both figures, we find that to achieve the
same EMI, in Rician fading much less power is required
than in Rayleigh fading, which supports the discussion in
Remark 22. To illustrate the ROC of the EMI, we plot
HpX − Īrician

X versus p in Fig. 36. As can be observed, in the
high-SNR regime, the derived asymptotic results approach
the numerical results. Besides, it can be observed that lower
modulation orders yield faster ROCs7.

7. By comparing Fig. 28 and Fig. 35, we find that the EMI curves for
Rician fading are similar to those for Rayleigh fading. Hence, we omit
corresponding numerical results for the EE-SE tradeoff and a PSK-QAM
comparison for brevity.

8) SUMMARY OF THE ANALYTICAL RESULTS

For convenience, we summarize the analytical results for the
OP, ECC, and EMI in Table 7. Despite being developed for
MISO channels, the expressions given in Table 7 also apply
to other types of channels subject to single-stream transmis-
sion, such as single-input multiple-output (SIMO) channels,
single-stream MIMO channels, and multicast channels. The
only difference lies in the statistics of the channel gain.
For example, the received SNR for single-stream MIMO
channels can be written as γSt-MIMO = γ̄ aSt-MIMO with the
channel gain given by [118]

aSt-MIMO =
∣∣∣vHHw

∣∣∣
2
, (184)

where w and v are the beamforming vectors utilized at trans-
mitter and receiver, respectively. As another example, the
received SNR for a K-user MISO multicast channel can be
written as γMulticast = γ̄ aMulticast with the channel gain given
by [125]

aMulticast = min
k∈{1,...,K}

∣∣∣hH
k w
∣∣∣
2
, (185)

where w is the transmit beamforming vector, and hk is the
channel vector of user k. After obtaining the PDF and CDF
of aSt-MIMO or aMulticast, one can directly leverage the expres-
sions in Table 7 to analyze the OP, ECC, and EMI for the
corresponding channels. We also note that despite requiring
a more complicated analysis than MISO channels, the OP,
ECC, and EMI achieved in MIMO channels still follow the
standard high-SNR forms given in (142) (or (174)), (146),
and (158) (or (181)), respectively.

C. DISCUSSION AND OPEN RESEARCH PROBLEMS
We have analyzed several fundamental performance evalu-
ation metrics for NFC for both deterministic and statistical
near-field channel models. It is hoped that our established
analytical framework and derived results will provide in-
depth insight into the design of NFC systems. However,
there are still numerous open research problems in this area,
some of which are summarized in the following.

• Information-Theoretic Limit Characterization:
Understanding the information-theoretic aspects
of NFC is vital for practical implementation. NFC
differs from conventional FFC with regard to the
channel and signal models, and thus further efforts are
required to explore the information-theoretic limits of
NFC. For SPD antennas, most information-theoretic
results developed for FFC also apply to NFC if the
channel model is adjusted accordingly. However, this
is different for CAP antenna-based NFC. In an NFC
channel established by CAP antennas, determining the
information-theoretic limits and design principles has
to be based on continuous electromagnetic models,
which gives rise to the interdisciplinary problem of
integrating information theory and electromagnetic
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TABLE 7. Summary of the analytical results for statistical multipath channels.

theory. Fundamental research on this topic deserves
in-depth study.

• System-Level Performance Analysis: Although we have
provided a comprehensive performance evaluation
framework for NFC, our results are limited to the simple
MISO case. More research is needed for the MIMO and
multiuser scenarios. Leveraging the performance met-
rics adopted in this section to evaluate the performance
gap between NFC and FFC in more complicated sce-
narios is a promising research direction that can unveil
important system design insights. Furthermore, the
fading performance for CAP antenna-based NFC has
received limited attention due to the absence of an ana-
lytically tractable statistical model. Last but not least,
stochastic geometry (SG) tools can capture the random-
ness of the locations of the users. Incorporating NFC’s
physical properties into the SG tools may contribute to
new spatial models and channel statistics, facilitating
the derivation of computable expressions of further key
performance metrics.

• Network-Level Performance Analysis: In practice, NFC
will be deployed in multi-cell environments. As
the density of wireless networks increases, inter-cell
interference becomes a major obstacle to realizing the
benefits of NFC. As such, analyzing NFC performance
at the network level and unveiling system design
insights with respect to interference management is cru-
cial. Multi-cell settings yield more complicated wireless
propagation environments. For example, the near field
of one BS may overlap with another BS’s far field or
near field. Analyzing the NFC performance in such a
complex communication scenario is challenging, and
constitutes an important direction for future research.

V. CONCLUSION
This paper has presented a comprehensive tutorial on the
emerging NFC technology, focusing on three fundamen-
tal aspects: near-field channel modelling, beamforming and
antenna architectures, and performance analysis. 1) For near-
field channel modelling, various models for SPD antennas
were introduced, providing different levels of accuracy and
complexity. Additionally, a Green’s function method-based
model was presented for CAP antennas. 2) For beamforming

and antenna architectures, the unique beamfocusing property
in NFC was highlighted and practical antenna structures for
achieving beamfocusing in narrowband and wideband NFC
were highlighted, along with practical beam training tech-
niques. 3) For performance analysis, the received SNR and
power scaling law under deterministic LoS channels for both
SPD and CAP antennas were derived, and a general analyti-
cal framework was proposed for NFC performance analysis
in statistical multipath channels, yielding valuable insights
for practical system design. Throughout this tutorial, we have
identified several open problems and research directions to
inspire and guide future work in the nascent field of NFC.
As NFC is still in its infancy, we hope that this tutorial will
serve as a valuable tool for researchers, enabling them to
explore the vast potential of the “NFC Golden Mine.”

APPENDIX A
PROOF OF LEMMA 1
The transmit-mode polarization vector at the transmit
antenna essentially represents the normalized electric field.
The electric field E(r, s) ∈ C

3 generated in r from s is

E(r, s) = G(r − s)J(s), (186)

where J(s) = Jx(s)ûx+Jy(s)ûy+Jz(s)ûz is the electric current
vector (with ûx, ûy, and ûz representing the unit vectors in
the x, y, z directions) and G(r − s) ∈ C

3×3 is the Green
function which is given as

G(x) = − jωμ0

4π

[
I + 1

k0
∇∇
]
e−jk0‖x‖

‖x‖ . (187)

where μ0 is the free space permeability, ω is the angu-
lar frequency of the signal, and k0 is the wave number.
Mathematically, the Green function can be further expanded
as follows

G(x) = − jη0e−jk0‖x‖

2λ‖x‖
[(

I − x̂x̂H
)

+ jλ

2π‖x‖
×
(
I − 3x̂x̂H

)
− λ2

(2π‖x‖)2
(
I − 3x̂x̂H

)]
, (188)

where x̂ = x
‖x‖ , η0 = √

μ0/ε0, and ε0 is the free space
permittivity. When ‖x‖ � λ, the Green function is well
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approximated as

G(x) � − jη0e−jk0‖x‖

2λ‖x‖
(
I − x̂x̂H

)
. (189)

To guarantee ‖x‖ � λ, the electric field should not be
observed in the reactive near-field, which is a mild condition
for practical systems. Henceforth, we assume ‖x‖ � λ and
directly exploit (189). In this case, the normalized electric
field generated in r from s is given by

ρa(r, s) = E(r, s)
‖E(r, s)‖ = G(r − s)Ĵ(s)

‖G(r − s)Ĵ(s)‖ , (190)

where Ĵ(s) = J(s)
‖Ĵ(s)‖ is the normalized electric current vector

given as follows

Ĵ(s) =
[
Jx(s), Jy(s), Jz(s)

]T
√

|Jx(s)|2 + |Jy(s)|2 + |Jz(s)|2
. (191)

Substituting (189) into (190) yields

ρa(r, s) =
−je−jk0‖r−s‖

(
I − (r−s)(r−s)T

‖r−s‖2

)
Ĵ(s)

∥∥∥
(
I − (r−s)(r−s)T

‖r−s‖2

)
Ĵ(s)
∥∥∥

. (192)

Let ρw(r) denote the normalized receive-mode polarization
vector at receive point r. Taken together, the power gain due
to the projected antenna aperture equals the polarization loss
factor, which can be expressed as

ppolar(r, s) = |ρT
w(r)ρa(r, s)|2. (193)

Noting that |−je−jk0‖r−s‖| = 1, we obtain

ppolar(r, s) =
∣∣∣ρT

w(r)
(
I − (r−s)(r−s)T

‖r−s‖2

)
Ĵ(s)
∣∣∣
2

∥∥∥
(
I − (r−s)(r−s)T

‖r−s‖2

)
Ĵ(s)
∥∥∥

2
. (194)

The proof is thus completed.

APPENDIX B
PROOF OF LEMMA 2
To determine the depth of focus, the value of
1
N |aT(θ, r0)a∗(θ, r)| should be calculated. According to the
results of [83, Appendix A], by defining

η =
√
N2d2 sin2 θ

2λ

∣∣∣
∣

1

r0
− 1

r

∣∣∣
∣, (195)

we can obtain the following approximation:

1

N
|aT(θ, r0)a∗(θ, r)| ≈

∣∣∣∣
C(η)+ jS(η)

η

∣∣∣∣, (196)

where C(η) = ∫ η0 cos(π2 x
2) dx and S(η) = ∫ η0 sin(π2 x

2) dx.
Based on numerical results, it is easy to show that
|C(η)+jS(η)

η
| ≥ 1

2 if η ≤ 1.6. Therefore, by defining η3dB =
1.6, we approximately have 1

N |aT(θ, r0)a∗(θ, r)| ≥ 1
2 if

√
N2d2 sin2 θ

2λ

∣∣∣∣
1

r0
− 1

r

∣∣∣∣ ≤ η3dB, (197)

which is equivalent to

max

{

0,
1

r
− 2λη2

3dB

N2d2 sin2 θ

}

≤ 1

r0
≤ 1

r
+ 2λη2

3dB

N2d2 sin2 θ
. (198)

Define rDF � N2d2 sin2 θ

2λη2
3dB

. If r < rDF, the range of r0 is

given by

rrDF
rDF + r

≤ r0 ≤ rrDF
rDF − r

. (199)

The depth of focus is thus given by

DF = rrDF
rDF − r

− rrDF
rDF + r

= 2r2rDF
r2
DF − r2

. (200)

If r ≥ rDF, the range of r0 is given by

rrDF
r + rDF

≤ r0 ≤ ∞. (201)

Thus, the depth of focus is given by

DF = ∞. (202)

The proof is thus completed.

APPENDIX C
PROOF OF LEMMA 3
By defining Ñ = N−1

2 , the normalized array gain achieved
by fRF = a∗(fc, θc, rc) at location (θ, r) at subcarrier m is
given by

1

N

∣
∣∣aT(fm, θ, r)fRF

∣
∣∣ = 1

N

∣∣
∣∣∣∣

Ñ∑

n=−Ñ
e
jπ
(
δn(θc,rc)− fm

fc
δn(θ,r)

)
∣∣
∣∣∣∣

= 1

N

∣∣∣∣∣
∣

Ñ∑

n=−Ñ
e
jπ

(
n
(

cos θc− fm
fc

cos θ
)
−n2
(
d sin2 θc

2rc
− fm

fc
d sin2 θ

2r

))∣∣∣∣∣
∣
.

(203)

To simplify the array gain, we define a function G(x, y) =
1
N |∑N

n=1 e
j(nx+n2y)|. Then, the array gain can be written

as G(π(cos θc − fm
fc

cos θ),−π( d sin2 θc
2rc

− fm
fc
d sin2 θ

2r )). It can
be easily verified that the maximum value of G(x, y) is
obtained when (x, y) = (0, 0). The location (θm, rm) that
the beam focuses on for subcarrier m is the location that has
the maximum array gain, i.e., cos θc − fm

fc
cos θm = 0 and

d sin2 θc
2rc

− fm
fc
d sin2 θm

2rm
= 0. Thus, we have

θm = arccos

(
fc
fm

cos θc

)
, rm = fm sin2 θm

fc sin2 θc
rc. (204)

The proof is thus completed.
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APPENDIX D
PROOF OF THEOREM 1
The effective power gain from the (m, n)th transmit array
element to the receiver satisfies

∣∣∣him,n(r)
∣∣∣
2 =
∫

Sm,n
|hi(s, r)|2eads, (205)

where Sm,n = [nd −
√
A

2 , nd +
√
A

2 ] × [md −
√
A

2 ,md +
√
A

2 ]
denotes the surface region of the (m, n)-th array element,
ea · ds is the maximal value of the effective antenna area in
the x-z plane located around s, and hi(s, r) is the complex-
valued channel from a point source located in s to the receive
point r. Recalling that the system operates in the radiating
near-field region, i.e., r � λ, and the size of each individual
element

√
A is on the order of a wavelength, we have r �√

A. Here, r � √
A means that the variation of the complex-

value channel hi(s, r) across different points s ∈ Sm,n is
negligible. Hence, we can rewrite (205) as follows:

∣∣∣him,n(r)
∣∣∣
2 = ea

∣∣hi
(
sm,n, r

)∣∣2
∫

Sm,n
ds

= ∣∣hi
(
sm,n, r

)∣∣2Aea, (206)

where the integral
∫
Sm,n ds returns the physical area of the

(m, n)-th transmit array element. Thus, the received SNR for
the USW model (i = U) is given by

γUSW = p

σ 2
‖h‖2 = p

σ 2

∑

n∈Nx

∑

m∈Nz

|hUm,n(r)|2

= Aea
p

σ 2

∑

n∈Nx

∑

m∈Nz

∣∣hU
(
sm,n, r

)∣∣2. (207)

Next, we note that the influence of the effective aperture
loss and the polarization loss was not considered in (35).
Thus, to obtain a general expression of the received SNR,
we should add the effective aperture loss and polarization
loss terms to (35), which yields

∣∣hU
(
sm,n, r

)∣∣2 = G1
(
sm,n, r

)
G2
(
sm,n, r

)
G3
(
sm,n, r

)
. (208)

In (208), G1(sm,n, r) (given by Eq. (37)), G2(sm,n, r) (given
by Eq. (38)), and G3(sm,n, r) � 1

4π‖sm,n−r‖2 model the effec-
tive aperture loss, the polarization loss, and the free-space
path loss, respectively. Under the USW channel model,
the powers radiated by different transmit antenna elements
are affected by identical polarization mismatches, projected
antenna apertures, and free-space path losses [26]. Thus, it
follows that

∣∣hU
(
sm,n, r

)∣∣2 = G1(s0, r)G2(s0, r)G3(s0, r), (209)

where s0 denotes the center location of the transmit UPA. In
the considered system, we have s0 = 0, from which (111)
follows directly. The proof is thus completed.

APPENDIX E
PROOF OF THEOREM 2
Note that the influence of the effective aperture loss and
the polarization loss was not considered in (36). To obtain
a general expression for the received SNR, we should add
the effective aperture loss and polarization loss terms back
into (36), which yields
∣∣hN
(
sm,n, r

)∣∣2 = G1
(
sm,n, r

)
G2
(
sm,n, r

)
G3
(
sm,n, r

)
. (210)

Under the NUSW channel model, the powers radiated by
different transmit antenna elements are affected by the same
polarization mismatches and have the same projected antenna
apertures but have different free-space path losses [26].
Therefore, we have

G1
(
sm,n, r

) = G1(0, r), (211)

G2
(
sm,n, r

) = G2(0, r). (212)

Hence, the effective power gain satisfies
∣
∣hN
(
sm,n, r

)∣∣2 = G1(0, r)G2(0, r)G3
(
sm,n, r

)
. (213)

Inserting (213) into (110) yields the results in (113). The
proof is thus completed.

APPENDIX F
PROOF OF COROLLARY 2
Substituting sm,n = [nd, 0,md]T and r = [r�, r�, r�]T

into (113) yields

γNUSW = pβ2
0

4πσ 2r2

∑

n∈Nx

∑

m∈Nz

× 1

�2 + (nε −�)2 + (mε −�)2
, (214)

where ε = d
r . Since the array element separation d is

typically on the order of a wavelength, in practice, we
have r � d and thus ε � 1. Furthermore, we define the
function

f1(x, z) �
1

�2 + (x−�)2 + (z−�)2
(215)

in the rectangular areaH = {(x, z)|−Nxε
2 ≤ x ≤ Nxε

2 ,−Nzε
2 ≤

z ≤ Nzε
2 .}. This rectangular area is further partitioned into

NxNz sub-rectangles, each with equal area ε2. Since ε � 1,
we have f1(x, z) ≈ f1(nε,mε) for ∀(x, z) ∈ {(x, z)|(n− 1

2 )ε ≤
x ≤ (n+ 1

2 )ε, (m− 1
2 )ε ≤ z ≤ (m+ 1

2 )ε}. Based on the concept
of double integrals, we obtain

∑

n∈Nx

∑

m∈Nz

f1(nε,mε)ε
2 ≈
∫ ∫

H
f1(x, z)dxdz, (216)

which yields

γNUSW ≈
∫ Nz

2 ε

−Nz
2 ε

∫ Nx
2 ε

−Nx
2 ε

pβ2
0

σ 2
1

4πr2ε2 dxdz

�2 + (x−�)2 + (z−�)2
. (217)
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FIGURE 37. The inscribed and circumscribed disks of the rectangular region
Nx ε × Nz ε.

Since � ∈ [0, 1] and � ∈ [0, 1], (217) reduces to the
following form as Nx,Nz → ∞:

γNUSW ≈
∫ Nz

2 ε

−Nz
2 ε

∫ Nx
2 ε

−Nx
2 ε

pg2

σ 2
1

4πr2ε2 dxdz

�2 + x2 + z2
. (218)

As shown in Fig. 37, the integration region in (218) is
bounded by two disks with radius R2 = ε

2 min{Nx,Nz}
and R1 = ε

2

√
N2
x + N2

z , respectively. By defining
function

f̂ (R) �
∫ 2π

0

∫ R

0

ρdρdθ

�2 + ρ2
= π ln

(
1 + R2

�2

)
, (219)

we have

f̂ (R2) <

∫ Nz
2 ε

−Nz
2 ε

∫ Nx
2 ε

−Nx
2 ε

dxdz

�2 + x2 + z2
< f̂ (R1). (220)

As Nx,Nz → ∞, we have R1,R2 → ∞. By the
Squeeze Theorem [126], the asymptotic SNR satisfies
limN→∞ γNUSW � O(logN). The proof is thus completed.

APPENDIX G
PROOF OF THEOREM 3
Based on (206), the effective power gain from the (m, n)−th
transmit array element to the receiver satisfies

∣
∣∣hGm,n(r)

∣
∣∣
2 = ∣∣hG

(
sm,n, r

)∣∣2Aea, (221)

where
∣∣hG
(
sm,n, r

)∣∣2 = G1
(
sm,n, r

)
G2
(
sm,n, r

)
G3
(
sm,n, r

)
. (222)

In the general channel model, the powers radiated by dif-
ferent transmit antenna elements are affected by different
free-space path losses, projected antenna apertures, and
polarization mismatches. Consequently, for (m, n) �= (m′, n′),
we have

G1
(
sm,n, r

) �= G1
(
sm′,n′ , r

)
, (223)

G2
(
sm,n, r

) �= G2
(
sm′,n′ , r

)
, (224)

G3
(
sm,n, r

) �= G3
(
sm′,n′ , r

)
. (225)

Hence, the effective power gain satisfies

∣∣hG
(
sm,n, r

)∣∣2 = G1
(
sm,n, r

)
G2
(
sm,n, r

)
G3
(
sm,n, r

)

�= ∣∣hG
(
sm′,n′ , r

)∣∣2. (226)

Inserting (226) into (110) yields (115). The proof is thus
completed.

APPENDIX H
PROOF OF COROLLARY 3
Based on (37), (38), when ρw(r) = ρ = Ĵ(sm,n) = [1, 0, 0]T,
∀m, n, we have

G1
(
sm,n, r

) = r�

‖r − sm,n‖ , (227)

G2
(
sm,n, r

) = r2�2 + (r�− md)2

‖r − sm,n‖2
, (228)

G3
(
sm,n, r

) = 1

4π‖r − sm,n‖2
, (229)

Therefore, the received SNR can be written as

γGeneral = p

σ 2

∑

n∈Nx

∑

m∈Nz

Aea

r3�3 + r�(r�− md)2

4π
(
(r�)2 + (nd − r�)2 + (md − r�)2

)5/2 . (230)

Following the same approach as for obtaining (217), we
approximate γGeneral as follows:

γGeneral ≈ pAea
4πr2ε2σ 2

∫ Nz
2 ε

−Nz
2 ε

∫ Nx
2 ε

−Nx
2 ε

× �3 +�(�− z)2
(
�2 + (x−�)2 + (z−�)2

)5/2 dxdz. (231)

The integral in (231) can be solved in closed form with the
aid of the following identities:

∫
dx

(
x2 + a

)3/2 = x

a
√
x2 + a

+ C (232)

∫
dx

(
x2 + a

)5/2 = x

3a
(
x2 + a

)3/2 + 2x

3a2
√
x2 + a

+ C

(233)∫
dx

(
x2 + a

)√
x2 + a+ b

= 1√
ab

arctan

( √
bx√

a
√
x2 + a+ b

)

+ C (234)

where a, b are arbitrary scalars and C is an arbitrary constant.
Upon calculating the double integral, we obtain (116). The
proof is thus completed.
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APPENDIX I
PROOF OF THEOREM 4
The effective power gain from the transmit CAP surface to
the user satisfies

|hcap(r, θ, φ)|2 =
∫

S
|h(r, s)|2 · eads

=
∫ Lz

2

− Lz
2

∫ Lx
2

− Lx
2

|h
(

[x, 0, z]T, r
)
|2eadxdz, (235)

where S = [− Lx
2 ,

Lx
2 ]× [− Lz

2 ,
Lz
2 ] denote the surface region

of the whole transmit CAP surface. For USW, we have

∣∣h
(
r, smx,mz

)∣∣2 = G1(s0, r)G2(s0, r)G3(s0, r), (236)

where s0 denotes the location of the center of the transmit
CAP surface. In the considered system, we have s0 = 0, from
which (123) follows directly. The proof is thus completed.

APPENDIX J
PROOF OF LEMMA 4
The channel gain ‖h‖2 satisfies

‖h‖2 = h̃HRh̃. (237)

To facilitate the derivation, we perform eigenvalue decom-
position of R and obtain R = UH�U. Matrix U is a unitary
matrix with UUH = I, and � = diag{λ1, . . . , λrR , 0, . . . , 0},
where {λi > 0}rRi=1 are the positive eigenvalues of R.
Consequently, we obtain

‖h‖2 = h̃HUH�Uh̃. (238)

Since UUH = I, we have

E

{
Uh̃
}

= UE
{
h̃
}

= 0, (239)

E

{(
Uh̃
)(

Uh̃
)H
}

= UE
{
h̃h̃H
}
UH = UUH = I, (240)

which yields Uh̃ = [h̃1, . . . , h̃N]T ∼ CN (0, I). Then,
we have

‖h‖2 =
rR∑

i=1

λi|h̃i|2. (241)

Since {h̃i}Ni=1 contains N i.i.d. complex Gaussian distributed
variables, {|xi|2}Mi=1 contains N i.i.d. exponentially distributed
variables each with CDF 1 − e−x, x ≥ 0. Then, by virtue
of [127], the PDF of

∑rR
i=1 λi|xi|2 is given by (138). The

CDF of ‖h‖2 can be further calculated by

F‖h‖2(x) =
∫ x

0
F‖h‖2(y)dy. (242)

The proof is thus completed.

APPENDIX K
PROOF OF COROLLARY 8
As p → ∞, we have

lim
p→∞

2R − 1

p/σ 2λmin
= 0. (243)

Using the asymptotic property of the incomplete Gamma
function [98, Eq. (8.354.1)]:

lim
t→0

ϒ(s, t) � ts

s
, (244)

we obtain

lim
p→∞ϒ

(

k + rR,
2R − 1

p/σ 2λmin

)

� 1
(
p/σ 2
)k+rR

(
2R − 1

λmin

)k+rR
1

k + rR
. (245)

Inserting (245) into (141) yields

Prayleigh � λ
rR
min∏rR
i=1 λi

∞∑

k=0

ψk
1

(p/σ 2)
k+rR

(
2R−1
λmin

)k+rR

�(rR + k + 1)

=
(
2R − 1

)rR

rR!
∏rR

i=1 λi

1
(
p/σ 2
)rR + o

(
p−rR), (246)

where o(·) denotes higher order terms. By omitting the higher
order terms, we obtain (142). The proof is thus completed.

APPENDIX L
PROOF OF COROLLARY 9
Using the fact that limx→∞ log2(1+ax)

log2(ax)
= 1 (a > 0), we obtain

lim
γ̄→∞

E
{
log2
(
1 + p/σ 2‖h‖2

)}

E
{
log2
(
p/σ 2‖h‖2

)} = 1, (247)

which yields

lim
γ̄→∞E

{
log2

(
1 + p/σ 2‖h‖2

)}

� log2(p)+ E

{
log2

(
‖h‖2/σ 2

)}
. (248)

By leveraging [98, eq. (4.352.1)] to calculate the expecta-
tion E{log2(‖h‖2/σ 2)}, we obtain (147). The proof is thus
completed.

APPENDIX M
PROOF OF COROLLARY 10
To facilitate the discussion, we first rewrite the EMI in (151)
as follows:

Īrayleigh
X =

∫ ∞

0
IX (t)dF‖h‖2

(
t

p/σ 2

)

= IX (t)F‖h‖2

(
tσ 2

p

)∣∣∣∣

∞

0

−
∫ ∞

0
F‖h‖2

(
tσ 2

p

)
dIX (t). (249)
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Using the properties limt→∞ IX (t) = HpX and
limt→0 IX (t) = 0 [113], we obtain

lim
t→∞ IX (t)F‖h‖2

(
tσ 2/p

)
= HpX · 1 = HpX , (250)

lim
t→0

IX (t)F‖h‖2

(
tσ 2/p

)
= 0 · 0 = 0. (251)

Hence, we have .IX (t)F‖h‖2( tσ
2

p )|∞0 = HpX , which, together
with the results in [113], yields

Īrayleigh
X = HpX −

∫ ∞

0
F‖h‖2

(
t

p/σ 2

)
MMSEX (t)

ln 2
dt, (252)

where MMSEX (t) denotes the minimum mean square error
(MMSE) in estimating X in (149) from Y when γ = t. Based
on (137) and (246), we have

lim
p→∞F‖h‖2

(
t

p/σ 2

)
� trR

rR!
∏rR

i=1 λi

1
(
p/σ 2
)rR . (253)

Inserting (253) into (252) gives

lim
p→∞ Īrayleigh

X � HpX − 1

ln 2

M[MMSEX (t); rR + 1]

rR!
∏rR

i=1 λi
(
p/σ 2
)rR , (254)

where M[�(t); z] � ∫∞
0 tz−1�(t)dt denotes the Mellin trans-

form of �(t) [112]. We next introduce the following two
lemmas to facilitate the subsequent discussion.
Lemma 8: Given the finite constellation X = {xq}Qq=1,

the MMSE function satisfies limt→∞ MMSEX (t) =
O(t− 1

2 e−
t
8 d

2
X ,min), where dX ,min � minq �=q′ |xq − xq′ | [128].

Lemma 9: If �(t) is O(ta) as t → 0+ and O(tb) as t →
+∞, then |M[�(t); z]| < ∞ when −a < z < −b [112].

Particularly, limt→0+ MMSEX (t) = 1 [113], which
together with Lemma 8, suggests that MMSEX (t) is O(t0)
as t → 0+ and O(t−∞) as t → ∞. Using this fact and
Lemma 9, we find that |M[MMSEX (t); z]| < ∞ holds
for 0 < z < ∞, which in combination with the fact that
MMSEX (t) > 0 (t > 0), suggests that M[MMSEX (t); z] ∈
(0,∞) holds for 0 < z < ∞. Since rR > 0, we conclude
that M[MMSEX (t); rR + 1] is some positive constant. The
proof is thus completed.

APPENDIX N
PROOF OF LEMMA 5
Using the fact that UUH = I, we obtain

‖h‖2 = ‖Uh‖2 =
∥∥∥Uh + UR

1
2 h̃
∥∥∥

2
. (255)

Plugging R
1
2 = UH�

1
2 U into (255) yields

‖h‖2 =
∥
∥∥∥Uh + diag

{
λ

1
2
1 , . . . , λ

1
2
rR , 0, . . . , 0

}
Uh̃

∥
∥∥∥

2

. (256)

Since UUH = I and h̃ ∼ CN (0, I), we have Uh̃ ∼ CN (0, I).
Let {h̃i}rRi=1 denote the first rR elements of vector Uh̃. Then,
we rewrite (256) as follows

‖h‖2 =
∥∥
∥∥∥

[
h1 + λ

1
2
1 h̃1, . . . , hrR + λ

1
2
rR h̃rR , h1+rR , . . . , hN

}]T
∥∥
∥∥∥

2

=
rR∑

i=1

λi‖hiλ− 1
2

i + h̃i‖2 +
N∑

i=rR+1

‖hi‖2. (257)

The proof is thus completed.

APPENDIX O
PROOF OF COROLLARY 11
According to [129, Eq. (2.16)], the PDF of |CN (hi, λi)|2 is
given by

f|CN (hi,λi
)|2(x) = 1

λi
e
− |hi|2

λi e
− x
λi I0

(

2

√

x
|hi|2
λ2
i

)

, (258)

where In(·) is the n-th-order modified Bessel function of the
first kind. By [122, eq. (10.25.2)], we have

I0(z) =
∞∑

k=0

1

�(k + 1)k!

( z
2

)2k
. (259)

The Laplace transform of f|CN (hi,λi)|2(x) is derived as

Lf|CN(hi,λi)|2 (s) =
∫ ∞

0

1

λi
e
− |hi|2

λi e
− x
λi

× I0

(
2|hi|
λi

√
x

)

e−sxdx. (260)

By substituting (259) into (260) and calculating the resulting
integral with [98, eq. (3.326.2)], we have

Lf|CN(hi,λi)|2 (s) =
∞∑

k=0

1

k!

|hi|2k
λ2k+1
i

e
− |hi|2

λi

(
s+ 1

λi

)k+1
. (261)

When s → ∞, we obtain

lim
s→∞Lf|CN(hi,λi)|2 (s) � 1

λi

1

s
e
− |hi|2

λi . (262)

Since the {CN (hi, λi)}rRi=1 are mutually independent, the
Laplace transform of ã =∑rR

i=1|CN (hi, λi)|2 satisfies

lim
s→∞Lfã(s) � s−rR

rR∏

i=1

1

λi
e−|hi|2/λi . (263)

Thus, by performing the inverse Laplace transform of (264)
and referring to [130], the PDF of ã, i.e., fã(x) for x → 0+
can be obtained as

lim
x→0+ fã(x) � 1

�(rR)
xrR−1

rR∏

i=1

1

λi
e−|hi|2/λi . (264)

It follows that the CDF of ã for x → 0+ satisfies

lim
x→0+ Fã(x) � 1

rR!
xrR

rR∏

i=1

1

λi
e−|hi|2/λi . (265)

When p → (2R−1)σ 2

ã0
, we have 2R−1

p/σ 2 − ã0 → 0+ and
obtain (174). The proof is thus completed.
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APPENDIX P
PROOF OF COROLLARY 13
Following the same approach as for obtaining (252), we
rewrite (179) as follows

ĪX = HpX −
∫ ∞

0
Fã

(
t

p/σ 2

)
MMSEX

(
t + p/σ 2ã0

)

ln 2
dt.

(266)

When p → ∞, we have t
p/σ 2 → 0 and t + p/σ 2ã0 → ∞.

Based on (265) and Lemma 8, we obtain

lim
p→∞Fã

(
σ 2t

p

)
� 1

rR!

(
σ 2t

p

)rR rR∏

i=1

1

λi
e−|hi|2/λi , (267)

lim
p→∞MMSEX

(
t + p

σ 2
ã0

)
� O

⎛

⎜⎜⎜
⎝
e

t+ p
σ2 ã0

−8d−2
X ,min

√
p
σ 2 ã0

⎞

⎟⎟⎟
⎠
. (268)

By substituting (267) and (268) into (266) and solving the
resulting integral with the help of [98, eq. (3.326.2)], we
obtain (181). For an equiprobable square M-QAM constel-
lation, we have HpX = log2 M. Besides, based on [105],
we have

lim
x→∞MMSEX (x) �

√
πdX ,min

2
√

2

2
√
M − 1√
M

1√
x
e−

d2
X ,minx

8 ,

(269)

which yields

lim
p→∞MMSEX

(
t + p

σ 2
ã0

)
� e

t+ p
σ2 ã0

−8d−2
X ,min

√
p
σ 2 ã0

×
√
πdX ,min

2
√

2

2
√
M − 1√
M

1√
t
. (270)

By substituting (267) and (270) into (266) and solving the
resulting integral with the aid of [98, eq. (3.326.2)], we
obtain (182). The proof is thus completed.
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