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ABSTRACT This paper presents a high-gain D-band power amplifier (PA) fabricated with 28-nm CMOS
technology for a sub-terahertz frequency modulated continuous wave imaging system. It adopts two-channel
power combining using artificial transmission lines to absorb the parasitic capacitance of the ground-
signal-ground pad. The layout of the transistors and neutralization capacitors are optimized to improve the
maximum stable gain, stability, and robustness. Asymmetrically magnetically coupled resonators are used in
inter-stage and input matching networks to extend the operating bandwidth. The PA achieves a peak power
gain of 21.9 dB and maximum output power of 11.8 dBm with 10.7% of power-added efficiency. Also, this
PA can achieve higher than 10 dBm output power over the frequency range of 120-150 GHz.

INDEX TERMS D-band, power amplifier (PA), sub-terahertz (sub-THz), CMOS, power combining, imaging
system, frequency modulated continuous wave (FMCW).

I. INTRODUCTION
Millimeter-wave technology has been widely exploited for
medical imaging and security scanning applications thanks
to its significant advantages in security over the previous
techniques. To implement better image resolution of the
observed object, a higher operating frequency is expectedly
preferred [1]. D-band (110-170 GHz) is very suitable for sub-
terahertz (sub-THz) imaging because it is an atmospheric
window with a path attenuation < 1-dB/km [2]. Therefore,
D-band imaging systems around 140 GHz have become a hot
research interest in these years.

With the rapid development of solid-state circuits over the
past decade, prior works concerning the sub-THz integrated
circuits have been reported [3]–[7]. However, most of these
works are based on III-V technology because of the poor
available gain and efficiency of the silicon-based devices in
the sub-THz band, which results in higher fabrication cost and
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lower integration. This dilemma is changing in recent years
due to the scaling of the silicon process. With the maximum
oscillation frequency (fmax) and cut-off frequency (fT) of the
advanced CMOS process up to THz band, CMOS is gradually
emerging as a considerable technology to design sub-THz
band imaging systems. The power amplifier (PA) is one of the
most critical sub-blocks for a D-band imaging system. Yet,
it is challenging to achieve enough output power and power
gain for a CMOS PA due to the low breakdown voltage and
the limited fmax. Meanwhile, compact chip size and broad
operating bandwidth are necessary for PAs in imaging sys-
tems to achieve sufficient range resolution and system inte-
gration. It raises a comprehensive requirement for the design
of the PA in the sub-THz imaging system. Previous works
of the D-band CMOS PAs which have been reported [8]–[10]
suffer from the poor available gain of the silicon device. Thus,
they have to cascade more stages, reducing the efficiency
significantly.

This paper reports a three-stage D-band PA targeting the
sub-THz frequency modulated continuous wave (FMCW)
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FIGURE 1. The top architecture of the proposed D-band PA.

imaging system. Our PA is based on a two-channel power-
combing scheme. Optimizing the size and layout topology
of the differential pairs including the neutralization capac-
itors raises the maximum stable gain (MSG) and stability
of the device. Matching networks are all designed using the
custom low-coupling transformers to minimize the insertion
loss and chip area. Our PA achieves a saturated output power
(Psat) of 11.8 dBm at 135 GHz, and >10-dBm from 120 to
150 GHz. The maximum power-added efficiency (PAE) is
10.7% with 140 mW power consumption.

This paper is organized as follows. Section II shows the top
topology of the PA. Section III introduces the considerations
in active device optimization. Section IV details the design
procedure of the passive device. Section V presents the mea-
surement setup and results. Finally, conclusions are given in
Section VI.

II. TOP ARCHITECTURE OF THE PROPOSED PA
Fig. 1 shows the overall topology of the proposed D-band
CMOS PA adopting two-channel power combining. Each
branch of the PA employs a three-stage common-source
pseudo-differential scheme with neutralization capacitance
to improve the MSG and stability. The input and output
impedances of the single PA are matched to 100 �. Artifi-
cial transmission lines with 100 � characteristic impedance
are developed to perform the power splitting and power

combining to absorb the 18 fF parasitic capacitance of the
ground-signal-ground (GSG) pad.

The transistor size of three stages is 18-µm/
30-nm (M1a,1b), 18-µm/30-nm (M2a,2b), and 45-µm/30-nm
(M3a,3b). The size of the output-stage transistor is deter-
mined by the desired saturation output power. To enhance
the saturation output power of the PA, a larger transistor
size is commonly preferred for the output stage. Yet, to res-
onate out the capacitance of the transistors, the inductance
of transformers in output matching networks will decrease
correspondingly as the transistor size increasing. Fig. 2 shows
the inductance and insertion loss of the stack transformers
versus the radius of the coils with a metal width of 5 µm
at 140 GHz. The insertion loss becomes significant while
the radius of the stack transformer is <15-µm, which will
seriously degrade the output power and efficiency of the PA.
Meanwhile, the influence of phase imbalance and parasitic
effects between different fingers are also obvious for large
transistors, which will degrade the performance of the active
device [12]. In our design, a pair of 45-µm/30-nm transis-
tors is adopted in the output stage. The equivalent output
capacitance of the differential pair is 24.5 fF and the radius
of the corresponding transformers for output matching is
about 17 µm.
The size of the driver stages is considered to maximize the

PAE without limiting the linearity of the PA. This indicates
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FIGURE 2. The simulated insertion loss and self-inductance of the stack
transformers versus radius of the coils.

that the output 1-dB compression point (OP1dB) of the previ-
ous stage must be much larger than the input 1-dB compres-
sion point (IP1dB) of the following stage. A pair of 18-µm/
30-nm transistors are selected for the second stage in this
design. The total gate width of the first-stage transistor was
also set as 18 µm for easily optimizing the input matching
network. Despite a smaller transistor size that can improve the
overall efficiency of the whole PA, the equivalent resistance
of the input impedance will be much larger than 100 �.
It means a very high impedance transform ratio in the input
matching, which will significantly increase the insertion
loss and design complexity of the input matching network.
The neutralization capacitance uses the NMOS transistors
instead of the MOM capacitance to achieve a more robust
neutralization across the process, voltage, and temperature
(PVT) variations for better matching with the NMOS dif-
ferential pairs [13]. The size of the neutralization capacitors
are 9.5-µm/30-nm (Cn1a,n1b), 9.5-µm/30-nm (Cn2a, n2b) and
25-µm/30- nm (Cn3a,n3b) forM1a, 1b, M2a,2b andM3a,3b.

III. OPTIMIZATION OF THE ACTIVE DEVICE
A. TRANSISTOR LAYOUT OPTIMIZATION
As the operating frequency increasing, the parasitic effects
on the silicon process caused by the peripheral interconnect
show an increasingly significant impact on the performance
of the active device. At the sub-THz band, the layout footprint
must be well-designed to preserve the intrinsic performance
of the transistor. The fmax and ft are commonly used to
evaluate the high-frequency performance of the active device.
They can be calculated as follows [14]:

fmax =
ft

2
√
gds·

(
Rg + Rs + rch

)
+ gm · RgCgd

/
Cgg

(1)

ft = gm
/
(2π · Cgg) (2)

where Rg is the gate resistance, Rs is the source resistance,
rch is the channel resistance, gm is the trans-conductance,
Cgd is the gate-drain capacitance, and Cgg is the total gate
capacitance. As the CMOS technology evolving continu-
ously, Cgg will decrease with the poly gate shrinking. There-
fore, ft can be continuously advanced as the CMOS process

evolves. At the same time, fmax will be degraded by the
resistance of the interconnecting wires due to the influence of
Rg and Rs. For an ultra-scaled CMOS technology, the narrow
gate length of the transistor usually makes the resistance of
the peripheral metal wire increase accordingly [15]. Thus,
there is a marginal diminishing effect on the evolution of fmax
as the CMOS process scaling. The layout topology plays an
important role in the fmax of the active device [16]. Therefore,
we can use fmax to estimate the merits of transistor layout
on high-frequency performance. As can be seen from (1), Rg
represents the most significant influence on fmax . It is crucial
to optimize the gate contact resistance while optimizing the
transistor layout.

Fig. 3 shows four representative styles of transistor layout,
including single-end gate contact and series feed (SS) [17],
single-end gate contact and parallel feed (SP) [18], double-
end gate contact, and series feed (DS) [19], and double-
end gate contact and parallel feed (DP). In the case of the
single-end gate contact, the gate of transistors are connected
from a single end of the poly to the bottom metal through the
contact via, then connected to the top metal with metal via.
Meanwhile, the double-end gate contact utilizes bottommetal
to fan-out both ends of the poly simultaneously. In the series
feed topology, the overall signal direction is perpendicular to
the direction of the gate finger while they are parallel with
each other in the parallel feed topology. The MSG of the four
representative configurations is compared based on a transis-
tor with gate length of 30 nm and gate width of 20× 0.5 µm
in 28-nm CMOS technology. This process provides eight
metal layers, including two layers of thick metal (3.5 µm for
Metal 8 and 0.85 µm for Metal 7) and six layers of thin metal
(0.09 µm for Metal 1 to Metal 6).

Fig. 4 shows the MSG of the four different layout topolo-
gies extracted after post-layout simulation. At the frequency
of 140 GHz, the MSG of the SS, SP, DS, and DP style are
5.27, 5.51, 6.52, and 6.66 dB, respectively. We can see that
the MSG of double-end gate contact style is much larger
than that of the single-end gate contact, while the influence
of feed mode is relatively small for the given 10-µm/30-nm
transistor. This is because the resistance of gate poly and poly
contact via (50- �/square and 100-�/via in this process) is
much greater than that of the metal wire and the metal via
(0.45-� /square and 4.5-� /via in this process). Although the
layout of the single-end gate contact style is more compact
and simple, double-end gate contact is necessary for sub-THz
circuit design due to its significant advantage over the MSG.

Fig. 4 also shows that the MSG of the DP configuration
is about 0.1-0.15 dB larger than that of the DS configuration
over the full band for the given transistor size. It is caused by
the average gate-connected resistance in parallel feed which
is less than that of the series feed. For a MOSFET with a
gate finger of N , the average external gate resistance for a
single finger will remain constant in parallel feed type while
that of series feed type is proportional to N . Fig. 5 shows
the MSG versus various total gate width for DP and DS
topology with a fixed single gate-width of 0.5 µm. For small
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FIGURE 3. The evolution of four representative layout styles: (a) single-end gate contact and series feed (SS), (b) single-end gate contact
and parallel feed (SP), (c) double-end gate contact and series feed (DS), and (d) double-end gate contact and parallel feed (DP).

FIGURE 4. The MSG comparison of the four layout styles in FIGURE. 3.

transistors, the total gate resistance of DP and DS configu-
ration is roughly equal, and therefore the difference between
their MSG is not obvious. However, the influence of external
gate resistance will become significant as the size of the
transistors increasing. The MSG of DP style is 0.5 dB larger
than that of DS style for a 20 µm transistor. Although the DP
configuration shows a larger MSG, the width of the transistor
perpendicular to the direction of the gate will increase accord-
ingly with the finger number N . For the 45 µm transistor
which is used in the output stage of this work, the finger
number is up to 90 with a single finger width of 0.5 µm. The
width of the transistors will be 20 µm in DP style, which is
difficult for inter-connection in layout. The DS transistor is
convenient to be combined in parallel and the total width will
not be too large because the single DS transistor is narrow.
Therefore, the DP style is recommended in the driver stage
for the highest gain, and the DS style is recommended in the
output stage to simplify the interconnection and reduce the
phase imbalance between the gate fingers of the transistors.

B. NEUTRALIZATION CAPACITANCE DESIGN
Equation (1) shows that the presence of gate-drain para-
sitic capacitor Cgd will significantly reduce the fmax of the

FIGURE 5. The MSG versus the transistor size for DP and DS topologies.

transistor and degrade the high-frequency gain [20]. At the
same time, this capacitor also leads to poor reverse isolation
and causes instability. To eliminate these effects, the neutral-
ization technique is widely used in the design of mm-wave
PA. Theoretically, if the value of the neutralization capac-
itance (Cn) is equal to the value of Cgd , the feedback path
of the transistors will be eliminated and the MSG of the dif-
ferential pair can reach the maximum. However, the intrinsic
model of the transistor in practice is shown in Fig. 6 [21]. Cgd
and Rgd jointly create the feedback path between the gate and
drain, and they can be equivalent to a capacitor with a certain
quality factor, which can be calculated as:

Q =
1

ωCgd ∗ Rgd
(3)

whereCgd andRgd are intrinsic parameters of the transistor so
they are independent of the operating frequency [21]. There-
fore, the Q of this equivalent capacitance will decrease as the
operating frequency increases. Meanwhile, the quality factor
of the neutralization capacitor is also poor at the sub-THz
band. Therefore, the neutralization capacitance is not able
to eliminate the feedback path between the gate and drain,
especially in the sub-THz band. Fig. 7 shows the stability and
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FIGURE 6. Small-signal model of the transistors.

FIGURE 7. MSG and Kf with respect to the neutralization capacitance.

MSG of the 45 µm transistor used in the output stage ver-
sus the values of neutralization capacitance at the frequency
of 120 GHz, 140 GHz, and 160 GHz, respectively. It can be
seen that as the frequency increases, the poles of stability (Kf)
and MSG will keep moving away from each other [22].
At lower frequencies, the range of the neutralization capaci-
tance which can make the transistor stable is smaller because
the Q of the equivalent capacitance is higher. The range of
capacitance which lets the stability greater than unit over the
frequency of 120-160GHz is 10-17 fF. AmaximumMSG can
be obtained while the Cn is selected to 17 fF. However, the Kf
is a bit less than unity in this condition. Considering the PVT
variation of the process, the CN of the output stage is selected
as 15 fF in this work, which gives a certain margin to keep the
differential pair stable within the operating frequency range.
Fig. 8 shows the layout of the differential pair together with
neutralization capacitors. The layout of the transistor based
neutralization capacitors also adopts DS style to reduce the
gate contact resistance and obtain a better consistency with
the common-source stage.

C. OPTIMUM LARGE-SIGNAL IMPEDANCE
To find the optimum source and load impedance of the
differential pairs, we performed load-pull simulations on
differential pairs together with corresponding neutralization
capacitance in differential mode. The center frequency of the
simulations is chosen as 145 GHz to cope with the gain and

FIGURE 8. Layout of the differential pair at the output stage.

TABLE 1. Load-pull parameters at 145 GHz.

output power degradation as operating frequency increases.
Table 1 shows the optimum source/load impedance and out-
put power of the three stages with the given input power. The
input power of the output stage is just equal to IP1dB. The
insertion loss of inter-stage matching networks is estimated
as 3 dB, so the output power of the driver stage must be
3 dB larger than the input power of the next stage in load-pull
simulations.

IV. DESIGN CONSIDERATIONS OF PASSIVE DEVICE
A. ASYMMETRICAL MCR MATCHING NETWORKS
Transformers are widely used in mm-wave circuits
because they can realize impedance matching, DC feed,
and single-ended-to-differential conversion with an ultra-
small chip area [9]. Meanwhile, high-order magnetically
coupled-resonator (MCR) matching networks can be real-
ized using a single transformer to implement broadband
impedance matching. Compared with other wideband tech-
niques, the transformer-based MCR matching network is
more compact and simple in the layout, implying less
insertion loss within mm-wave band circuits design. The
symmetrical MCR provides a maximum trans-impedance
and the design considerations have been analyzed in [23].
However, the quality factors of the two terminal-impedance
are commonly different in the inter-stage matching. To build
a symmetrical MCR, a resistor or capacitor is supposed
to be added to the inter-stage matching network. However,
it will introduce extra insertion loss and the value of the
on-chip capacitor and resistor are imprecise. In this design,
the asymmetricalMCR-basedmatching networks are adopted
and analyzed in the inter-stage and input matching networks
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FIGURE 9. The lumped model of the MCR.

design, and it shows a more flat in-band frequency response
compared with the symmetrical MCR.

Fig. 9 shows the ideal model of an MCR [23], consisting
of two RLC resonators coupled by mutual inductance. In the
case of inter-stage matching, the output impedance of the
previous stage and the input impedance of the following stage
can be equivalent to networks of a resistor in parallel with a
capacitor, which can be absorbed into the resistance (R1 and
R2) and capacitance (C1 and C2) of the MCR. A transformer
with primary self-inductance L1, secondary self-inductance
L2, and coupling coefficient k is inserted to realize the MCR.
Under the condition of 2Q2

� 1− k2, the two-pole frequen-
cies of MCR can be derived by:

ω2
H =

ω2
1+ω

2
2 +

√(
ω2
1+ω

2
2

)2
− 4

(
1− k2

)
ω2
1ω

2
2

2
(
1− k2

) (4)

ω2
L =

ω2
1+ω

2
2 −

√(
ω2
1+ω

2
2

)2
− 4

(
1− k2

)
ω2
1ω

2
2

2
(
1− k2

) (5)

where ω1 and ω2 are the resonant frequency of the two RLC
resonators, which can be calculated as (6),

ω1 =
1

√
L1C1

ω2 =
1

√
L2C2

(6)

The trans-impedance Z21 at the two-pole frequencies can
be derived as (7), as shown at the bottom of the page. Q1 and
Q2 are the quality factor of the two resonators. To achieve a
flat frequency response, the peakmagnitude of Z21 at the two-
pole frequencies are supposed to be equal, and two solutions
can be calculated as:

ω1 =
1

√
L1C1

=
1

√
L2C2

= ω2 (8)

ω1

Q1
= R1C1 = R2C2 =

ω2

Q2
(9)

Fig. 10(a) shows the magnitude of Z21 versus frequencies
with different Q2 and equal ω/Q ratio while the parameters

FIGURE 10. The simulated Z21 with different Q2 (constant Q1 of 3.6 and
f1 of 140 GHz). (a) keeping ω2/ω1 = Q2/Q1. (b) keeping ω2 = ω1.

of the primary resonator are constant. The peak magnitude of
Z21 degrades significantly while the mismatch between the
Q1 and Q2 increasing. The calculated |Z21| with unequal Q
while ω1 and ω2 remaining equal are shown in Fig. 10(b).
It can be seen that the peak magnitude of |Z21| is almost
equal to that in symmetrical MCR only if the (8) is satisfied.
Therefore, ω1 and ω2 must keep equal in MCR design. The
mismatch of ω1 and ω2 will lead to significant insertion loss
and it is unacceptable in sub-THz circuits design. Fig. 10(b)
also shows that a lower Q2 always exhibits a smaller in-band
ripple. Therefore, it is not necessary to insert a capacitor to
build asymmetric MCR in inter-stage matching. The mis-
match of Q1 and Q2 is acceptable only if ω1 = ω2.
The pole frequencies and the corresponding peak ampli-

tude in the condition of ω1 = ω2 can be calculated as:


ωH =

ω0
√
1− k

ωL =
ω0
√
1+ k

(10)

Z21 (jωH ) = Z21 (jωL) =

√
R1R2

√
Q1
/
Q2 +

√
Q2
/
Q1

(11)


Z21 (jωH ) =

kω1ω2
√
RpRsQ1Q2ω1ω2

− (ω2Q1 + ω1Q2)
(
1− k2

)
ω2
H + ω1ω2 (ω1Q1 + ω2Q2)

Z21 (jωL) =
kω1ω2

√
RpRsQ1Q2ω1ω2

− (ω2Q1 + ω1Q2)
(
1− k2

)
ω2
L + ω1ω2 (ω1Q1 + ω2Q2)

(7)
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From (11), we can see that the maximum peak amplitude
is obtained only while Q1 is equal to Q2, which is consistent
with the conclusion in Fig. 10(b). It means that we can obtain
the maximum peak amplitude only if the MCR is symmetri-
cal. The asymmetricalMCRwith lowerQ2 can obtain a flatter
frequency response as slightly sacrificing the peak amplitude
at pole frequencies as shown in Fig. 10(b). Considering the
quality factor of output matching networks are commonly
smaller than that of inter-stage and input matching networks,
the output matching network adopted the symmetrical MCR
to achieve the least insertion loss while asymmetrical MCR is
adopted in inter-stage and input matching networks to obtain
larger operating bandwidth. The in-band valley amplitude and
its corresponding frequency ωc are given as follows,

Z21 (ωc) =
k
√(

1− k2
)
Q1Q2R1R2

1− k2 + k2Q1Q2
(12)

ωc =
ω0

√
1− k2

(13)

where ωc is the geometrical mean of the two-pole frequen-
cies, so it can be estimated as the center frequency of the
MCR. If we make the |Z21| at pole frequencies and center
frequency equal, we can achieve the no ripple condition as
(14),

k2 ·
(
Q2
m + 1

)
= 1 (14)

where Qm is the smaller value of Q1 and Q2.
Taking the second inter-stage matching as an example.

The output impedance of the driving stage and the input
impedance of the last stage are 44.7+ j∗109 and 9.4+ j∗42.5,
respectively. Therefore, R1, C1, R2, and C2 can be calculated
as 313�, 8.9 fF, 201�, and 25.5 fF. To achieve the maximum
bandwidth, no extra capacitance is inserted into the matching
network. The center frequency fc is 140 GHz and the quality
factor Q1 and Q2 can be deduced as,

Q1 =

√
−1+

√
1+ 4 (ωcR1C1)

4

2

Q2 =

√
−1+

√
1+ 4 (ωcR2C2)

4

2

(15)

In this design, Q1 and Q2 can be calculated as 2.35 and
4.45. Then the coupling coefficient is calculated as 0.39 by
Q1. The resonant frequency of the two resonators are,

f1 = f2 = fc
4
√
1− k2 (16)

which is 134 GHz in this case, and the inductance L1 and L2
can be calculated as 157.8 pH and 55.1 pH.

B. LUMPED MODEL OF THE TRANSFORMER
Regarding the above analysis, the parasitic parameters of the
transformers have not been considered. Yet, effects of the
parasitic effects are particularly significant within the sub-
THz band. Therefore, it is very necessary to consider these
parasitic effects to design transformers more precisely.

FIGURE 11. The lumped-element model of the (a) transformer and (b) the
inter-stage matching network with simplified transformer model.

Fig. 11(a) shows a lumped model of the on-chip trans-
former which is applicable up to the sub-THz band [24].
Cpox,n and Csox,n (n = 1 or 2) represent the oxide layer
capacitance of the primary/secondary coil of the transformer.
Cpsi,n, Cssi,n, Rpsi,n and Rssi,n represent the parasitic capac-
itance and resistance to the silicon substrate, respectively.
LP and LS are the inductors of primary/secondary coils, and
their resistances are RP and RS , respectively. The coupling
capacitance between the two coils (Cc) and the differential
input/output transmission line (Ct ) is also shown in Fig. 11(a).
The value of these parasitic parameters can be extracted
using the S-parameters of the transformer [25]. However, this
model is complex and incompatible with the model of the
MCR. It is necessary to simplify these parasitic parameters.
In this work, low-k transformers are used instead of stack
transformers. Therefore, CC is negligible in this case. The
other parasitic capacitance can be combined into a single
parallel capacitor in differential mode. The effect of the par-
asitic resistance is also equivalent to a parallel resistance.
Fig. 11(b) shows the simplified lumped model of the inter-
stage matching network. The parameters of the MCR consist
of the parasitic parameters of the transformers and the equiv-
alent parallel networks of the terminal impedance.

Fig. 12 shows the comparison of insertion loss between
the two lumped parameter models and the EM model while
inserted into the inter-stage matching network discussed
above. The insertion loss of the simplified model is about
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FIGURE 12. The comparison of insertion loss between the
lumped-element model and the EM model.

0.7-dB less than that of the EM model while the frequency
range is consistent. The simulated insertion loss of this
inter-stage matching network is<3 dB from 120 to 150 GHz.
All of the transformers which are used in this work have been
shown in Fig. 1 and their corresponding parasitic parameters
are also summarized.

C. POWER SPLITTING AND COMBINING
Fig. 13(a) shows the overall three-dimensional model of the
input power splitting network and output power combining
network. The input and output impedance of the unit PA
are matched to 100 � using transformer-based matching
networks, then each branch is respectively connected to the
GSG pad by using a transmission line with the characteristic
impedance of 100 � to realize power splitting/combining,
which shows an impedance of 50� at the junction node of the
power splitter /combiner. However, the parasitic capacitance
of the GSG pad will introduce impedance mismatch, which is
especially critical at the sub-THz band. In this work, an arti-
ficial transmission line consisting of a shorter line and two
shunt capacitances is used to absorb the parasitic capacitance

FIGURE 13. (a) The layout of the power splitting and power combining
network and (b) transmission line and its equivalent artificial
transmission line.

of the GSG pad, as shown in Fig. 13(b). The admittance
matrices of the circuits [Fig. 13(b)] are:

Y0 =


cos (θ0)

jZ0 · sin (θ0)
j

Z0 · sin (θ0)
j

Z0 · sin (θ0)
cos (θ)

jZ0 · sin (θ0)

 (17)

Ye =


cos (θ)

jZ · sin (θ)
+ jωC

j
Z · sin (θ)

j
Z · sin (θ)

cos (θ)
jZ · sin (θ)

+ jωC

 (18)

where Z0, θ0, Z , θ are the characteristic impedance and
electrical length of the equivalent line and shortened line.
Comparing (15), we can obtain the relation as:{

Z0 · sin (θ0) = Z · sin (θ)
cos (θ0) = cos (θ)− Z · sin (θ) · ωC

(19)

Given Z0 = 100 � and C = 9 fF for the single branch in
this work, the Z and θ of the shortened line can be calculated
as 111 � and 60◦. Therefore, a transmission line with 111 �
characteristic impedance and 60◦ electrical length shunted by
two 9 fF capacitance will show the same admittance matrices
as a transmission line with 100 � characteristic impedance
and 105◦ electrical length at 140 GHz. The two 9-fF capac-
itances at the end of the GSG pad can be absorbed into its
parasitic capacitance. The metal-line width for M7 andM8 to
obtain a characteristic impedance of 111 � is 12 µm and
10.5 µm for the process used in this work. Fig. 14 shows
the simulated S-parameters of the power combiner. It shows a
good matching with reflection coefficients at the end of GSG
pad better than −10 dB and insertion loss less than 0.5 dB
from 110 GHz to 160 GHz.

FIGURE 14. The simulated S-parameters of the power combiner.

V. MEASUREMENT RESULTS
The proposedD-band PA is fabricated in a 28-nm bulk CMOS
technology. The chip photo is shown in Fig. 15(a). The core
area of the PA including the GSG pad is 600 µm × 400 µm,
while the total area is 600µm× 590µm. The chip is mounted
on a PCB and the DC pads are bonded to the PCB to provide
0.7-V bias voltage and 1-V supply voltage. The total power
consumption is 140 mW.

Fig. 15(b) shows the block diagram of the measurement
setup of the PA. The D-band input signal was generated using
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TABLE 2. Performance summary and comparison of broadband D-Band PAs.

FIGURE 15. (a) Chip photo and (b) block diagram of the measurement
setup of the PA.

the vector signal source (Agilent E8267D) followed by the
VDI frequency extensionmoduleWR-6.5 SG.We use the sig-
nal analyzer (Keysight N9040B) along with VDI frequency
extension module WR-6.5 SA to characterize the output
power level of the PA. The loss of the probes and interconnect
is measured and calibrated under the same setup with the
assistance of the connection on a calibration substrate.

The simulated peak gain of the PA is 26.9 dB, with a
3-dB bandwidth of 20 GHz from 125 to 145 GHz, as shown

FIGURE 16. Simulated S-parameters.

FIGURE 17. Simulated and measured Pout, PAE and power gain versus Pin
at 135 GHz.

in Fig. 16. Fig. 17 and Fig. 18 show the simulated and
measured power performance of the PA. It shows that our PA
achieves a >10-dBm saturation output power and >8% PAE
covering 120 GHz to 150 GHz. Meanwhile, a power gain of
>19 dB is obtained over the frequency from 128 to 147 GHz
with a peak gain of 21.9 dB at 135 GHz. The measured power
performance at center frequency 135 GHz versus different
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FIGURE 18. Simulated and measured large-signal performance versus frequency of the proposed PA.

input power is shown in Fig. 17. The PA achieves a maximum
output power of 11.8 dBm and an output 1-dB compression
point of 7.5 dBm with a peak PAE of 10.7%.

Table 2 summarizes the overall performance of our PA and
compares it to the state-of-the-arts. The PA shows the highest
per-stage gain and competitive FoM compared to previously
published works thanks to the well-designed differential
pairs, the low-k transformer-based broadband matching net-
works, and the artificial line-based power splitter/combiner.

VI. CONCLUSION
This article presented the optimization procedures and design
considerations of a D-band PA in detail. The transistor size
of each stage is selected considering the performance of the
active device and the insertion loss of the passive device.
The layout of the differential pairs involving the transis-
tors and neutralization capacitors are carefully optimized to
maximize the MSG, stability, and robustness. The matching
networks are all designed based on the MCR realized by low-
k transformers to improve the operating bandwidth. A 3-stage
D-band PA was fabricated on a 28-nm bulk CMOS technol-
ogy to verify our design methodology. The PA achieves a
maximum peak gain of 21.9 dB, the saturated output power
of 11.8 dBm, peak PAE of 10.7%, and 86.6 FoM. This PA
proto-type shows the highest per-stage gain thanks to the
well-designed differential pairs and MCR-based matching
networks.
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